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Abstract—Mobile devices demand low-power WiFi receivers for
extended battery lifetime. This paper presents the design of an
11.6-mW receiver including baseband channel selection filtering
that targets the IEEE802.11a standard. A 1-to-6 on-chip trans-
former serves as a low-noise amplifier with zero power dissipa-
tion and high linearity while providing ESD protection and differ-
ential outputs. The co-design of the transformer and the passive
mixers leads to an efficient front end. Realized in 65-nm CMOS
technology, the prototype exhibits a noise figure of 6 dB and a sensi-
tivity of —66 dBm at a data rate of 54 Mb/s from 5 GHz to 5.9 GHz.
A new analysis of fully-differential current-driven passive mixers
is also presented to facilitate the design of the front end.

Index Terms—Transformer, zero-power, 802.11a, passive mixer,
analysis, input impedance, conversion gain, noise figure, harmonic
balance, noninvasive filter.

I. INTRODUCTION

HE widespread use of WiFi radios in mobile devices has

accentuated their power consumption issues, especially
in the case of multi-input multi-output (MIMO) transceivers
defined by IEEE802.11n. Among the receiver (RX) building
blocks, oscillators, frequency dividers, and analog-to-digital
converters have seen dramatic improvements in the past 10
years, now operating with power levels in the milliwatt range
[1]-[6]. The main receiver chain, however, still consumes a
disproportionately high power, e.g., about 46 mW in [7].

This paper proposes a complete 5 GHz receiver design that
meets the IEEE802.11a sensitivity, blocking, and filtering re-
quirements. Several circuit techniques are presented that reduce
the overall power to 11.6 mW. Realized in 65-nm CMOS tech-
nology, a prototype of the receiver exhibits an input sensitivity
of —66 dBm at 54 Mb/s with a variable voltage gain from 5 to
48 dB.

Section II introduces the use of on-chip transformers in place
of low-noise amplifiers (LN As) and Section III describes the re-
ceiver architecture. Section IV discusses the properties of cur-
rent-driven mixers and Section V deals with the transformer/
mixer interface. Section VI is concerned with the LO genera-
tion circuit, and Sections VII and VIII present the baseband fil-
ters and the experimental results, respectively.
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II. TRANSFORMER-BASED AMPLIFICATION

Transformers have been utilized at the input of receivers for
single-ended to differential conversion [8]-[10], but it appears
that they have not been exploited as a means to replace LNAs.
The principal role of an LNA in a receiver is to provide voltage
gain and input matching with an acceptable noise figure. If a
passive device can play this role, then the power consumption
and nonlinearity associated with the LNA can be avoided. For
example, [11] uses a resonant up-match along with a capaci-
tive network to drive passive mixers directly. One is therefore
compelled to consider transformers for this purpose, especially
because they also offer ESD protection and differential outputs.

A 1-to-N transformer can, in principle, amplify the input
voltage by a factor of N and transform the impedance seen by
its secondary to a value necessary for matching (e.g., 50 ).
However, imperfections such as power loss (and hence noise),
limited magnetic coupling, and substantial capacitive coupling
may degrade the performance so much as to defeat the purpose.
The stacked structure shown in Fig. 1(a), for example, exhibits
a high magnetic coupling factor but also a high power loss and
capacitive coupling factor. By contrast, the planar geometry
depicted in Fig. 1(b) [12] has less capacitive coupling but also
lower magnetic coupling. We therefore surmise that the stacked
structure in Fig. 1(c) may offer an acceptable compromise,
providing a reasonable voltage gain, a lower power loss, and a
high self-resonance frequency. In this geometry, the secondary
is realized in metal 9 to reduce its capacitance to the substrate,
and the primary in metal 8. While not quite symmetric, the
secondary avoids bridges that would inevitably add resistance
due to contacts and lower metal layers. Since the I P, required
in 802.11a is fairly relaxed (=~ 0 dBm [13]), this asymmetry is
tolerable.

The design of the proposed 1-to-N transformer is dictated
by some bounds. As the number of secondary turns increases,
the voltage gain grows slowly beyond a point (because the new
turns are farther from the primary) but the capacitance and loss
rise significantly. Fig. 1(d) plots these trends as predicted by
HFSS simulations for the 5 GHz band. Here, the line width
and spacing are equal to 4 ym! and 2 pm, respectively, and
the power loss is defined under matched conditions at both the
primary and the secondary.2 We observe that the voltage gain
reaches diminishing returns as the number of secondary turns
exceeds 7, and the loss grows beyond 2.5 dB. We have thus
chosen six turns as a compromise. This transformer design ex-
hibits an input resistance of 50 €2 (in the 5 GHz band) if the sec-

IFurther improvement can be achieved if the width of turns is tapered such
that the outer turns are wider than the inner turns.

2For the receiver input to be matched, the secondary of the transformer must
also be matched.

0018-9200 © 2015 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
See http://www.ieee.org/publications_standards/publications/rights/index.html for more information.
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Fig. 1. Various transformer topologies, (a) stacked, (b) planar, and (c) the proposed geometry, and (d) voltage gain and power loss of the proposed transformer

versus number of secondary turns.

ondary is terminated into 800 2. In other words, looking into
the secondary, we see 800 £ if the primary is driven by 50 €2.

III. RECEIVER ARCHITECTURE

Fig. 2 shows the receiver architecture. The transformer de-
scribed in the previous section serves as the LNA and differen-
tially drives two sets of passive mixers with 25% duty cycle
local oscillator (LO) waveforms. The downconverted signals
are then applied to fourth-order elliptic filters for channel selec-
tion. The LO frequency arrives at twice the carrier frequency, is
divided by two, and creates four 25% duty cycle phases. As ex-
plained below, the transformer and the mixers are designed so
as to provide input matching, an advantage over the LNA-less
receiver in [14]. (The matching becomes necessary because it
is difficult in practice to ensure a short connection between the
antenna and the receiver input.)

The absence of an active LNA in the front end means that
the passive mixers are driven by a low to moderate source
impedance. Consequently, the on-resistance of the mixer
switches can contribute significant noise, requiring wide tran-
sistors and hence a high power dissipation in the LO phase
generation circuitry. This issue is revisited in the next section.

By virtue of its high turns ratio, the transformer in
Fig. 1(c) exhibits a moderate output impedance. We may
therefore view the mixers in Fig. 2 as current-driven3 circuits
and surmise that they contribute less noise than voltage-driven

3We use the term “current-driven” in this paper to refer to passive mixers
using a time constant (the source resistance times the load capacitance) much
longer than the LO period. This condition creates a harmonically-rich voltage
waveform at the mixer input, allowing upconversion of the baseband impedance
(though this upconversion is not directly exploited in this work).

LPF LPF

LPF LPF

25% -

| Lo

LOep| 22 Duty Cycle | . .+
il ":_y e 110},

ogic | -0

Fig. 2. Receiver architecture.

topologies [15]. Several important questions must be answered.
First, how can the transformer and the mixers provide input
matching with a reasonable noise figure? Second, how should
the mixers' conversion gain be defined in the presence of a finite
source impedance? Third, how is the noise figure of the cascade
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Fig. 3. Current-driven quadrature downconverter, and (b) its equivalent circuit.
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calculatc.ed. These questions are addressed by the analysis in Antenna + Transformer
Appendix 1. I
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IV. PROPERTIES OF CURRENT-DRIVEN PASSIVE MIXERS —
zS
Current-driven passive mixers with 25% duty cycle have =~ ‘foorfremmmmmmrmmmmmmmmmssn e
been analyzed in [16]-[23]. We provide an alternative analysis 800C2
in Appendix I and utilize the results in this section. & ;
Consider the quadrature downconverter shown in Fig. 3(a), Ry,= S, S, =R,
where \S; denotes both a switch and the unity-height LO wave- % - o
form controlling that switch. As shown in Appendix I, the circuit &, %
can be viewed as in Fig. 3(b), if only the load impedance trans- S, = S,
lated to &£ fr,o is included. We make two observations. First, if ¢+ _T_ o o—9
Zg is real and equal to Rg and if Zy, is capacitive, then the Cy I
impedance seen by I;,, simplifies to (8/7%)R% /(Rs +2R,) + S/z = 54
Rs||(2Rs,,). This impedance varies from 0.81 Rg to Rg as Ry, 1 ° I [
ranges from 0 to infinity. For input matching on the other hand, s C1 T s
I, must see Rg/2 (one Rgs as the source impedance and an- 3/2 R o/z
other presented by the circuit). That is, such a topology cannot c L
provide input matching. 1 ]_:

Second, for a complex source impedance, the translated
copies of Zg in Fig. 3(b) can contribute resistance at f = fro,
allowing input matching. This point proves useful in our
front-end design as the transformer's output impedance at
harmonics of f1,o exhibits significant “tails” at f1,0.

The noise properties of the quadrature downconverter also
provide design guidelines. For a simple case of Zg = Rg
and Zr = 1/(CrS), Appendix I yields NF = (7?/8)(1 +
2R,/ Rs), implying that R, must be chosen small enough for
areasonable NF. However, the wide switches in this case would

Fig. 4. Transformer-mixer interface.

require substantial power dissipation in the LO network. Addi-
tionally, in the absence of gain preceding the downconverter, the
first baseband stage must exhibit a very low input noise. Both of
these issues are mitigated by the use of a step-up transformer.

V. TRANSFORMER-MIXER CODESIGN

Having analyzed 1-to-N transformers and passive mixers
with 25% LO duty cycle in previous sections, we now deal with
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Fig. 5. (a) 25% duty cycle LO generation circuit, (b) latch curcuit used in the divide by 2 (L = 60 nm).

the design of the receiver front end. Our objective is to choose
the transformer turns ratio, the mixer transistor widths, and the
baseband load so as to achieve (a) proper input matching at the
antenna, (b) an acceptable noise figure, and (c) a reasonable
voltage gain from the antenna to the baseband outputs of the
mixers so as to relax the required noise figure of the baseband
chain and hence reduce its power consumption. Our approach
consists of two steps: 1) design the transformer for maximum
voltage gain with acceptable power loss and input matching
when it is matched at the secondary, and 2) design the down-
conversion I and Q mixers so as to present proper impedance to
the transformer and hence establish this secondary matching.

The optimization of the inductor for loss limits the value of
the primary and secondary inductances to about 0.42 nH and
2.9 nH, respectively, yielding a “native” resonance frequency
above 10 GHz. Two lumped capacitors of values 950 fF and
55 {F have therefore been added to the primary and secondary,
respectively, to allow operation in the 5 GHz range. Due to
the distributed nature of the transformer and the high capac-
itive coupling between the primary and the secondary, it is
neither easy nor accurate to model the structure as two mu-
tually-coupled lumped inductors with lumped capacitances.
For this reason, these optimizations use simulations with
S-parameter models.

To create impedance matching, we model the antenna and the
transformer by a Norton equivalent as shown in Fig. 4, where
Zs = 800 €2 in the 5 GHz band. The mixers must present a re-
sistance of 800 2 to the secondary so as to match the receiver
input to 50 £2. However, since this resistance also depends on
Zg, it is more meaningful to ensure that Ij, sees a resistance
of 400 2. We therefore return to (13), equate it to this value,
and seek the necessary Rg,,. Due to the bandpass and relatively
wideband nature of the transformer and hence Z¢, the summa-
tion over k was carried out for about 14 terms, i.e., for harmonic
numbers up to 29. Solution of this equation yields Rs,, ~ 57 {2
and a switch aspect ratio of W/L = 10pm/60 nm.

The dependence of Z;,, upon the source impedance suggests
that the input matching remains relatively intact if the antenna
impedance varies to some extent. However, two effects tend
to keep the input impedance relatively constant: the resistive
loss of the transformer, and the negligible variation of the
transformer impedance at the LO harmonics as the antenna
impedance varies. This is better understood if we use the

simplified model of Fig. 18 for Ry, = 0. The loss of the
transformer translates to a weaker dependence of Z,( fin ) upon
the antenna impedance. Moreover, due to the bandpass nature
of the transformer, Z;(fin, + 4k fLo) is almost independent of
the antenna impedance for k& # 0. Thus, the antenna/receiver
matching in our design has about the same sensitivity to the
antenna impedance as conventionally-matched systems.

Since the impedance is matched using physical resistances in
the transformer and the switches, the receiver's noise figure ex-
ceeds 3 dB. Due to its loss, the transformer itself participates in
input matching, i.e., the transformer loss of 2.4 dB is in fact part
of this 3 dB limit. Similarly, the on-resistance of the switches at
all harmonics also contributes to the input matching and to the
3 dB value. Simulations can reveal these effects to some extent:
the front end (including the transformer and the mixers) exhibits
anoise figure of 4.5 dB with a noisy transformer and 3.3 dB with
a noiseless transformer. Simulations also predict a voltage gain
of 12 dB, an input Py 45 of —5.2 dBm, and | S1;| > 12 dB across
the 5 GHz band.

For a target receiver NF of less than 6 dB, all of the subse-
quent stages must contribute no more than 1.5 dB, demanding
additional circuit techniques so as to realize low-noise yet linear
baseband filters with low power dissipation. The front end re-
ported here does not include automatic gain control (AGC) to
attenuate high input levels for the baseband chain, but the gain
of the mixers can be readily reduced by inserting small MOS-
FETs between their differential outputs [24].

VI. LO GENERATION CIRCUIT

In order to generate 25% duty cycle LO phases, we em-
ploy a divide-by-two circuit and some combinational logic.
Fig. 5(a) shows the circuit implementation, where the latches
used in the divider incorporate additional NMOS source
followers so as to improve the speed and reduce the power con-
sumption [Fig. 5(b)] [25]. The inverters and NAND gates are
designed to drive 10 pm mixer switches and ensure nonover-
lapping LO waveforms. At an LO frequency of 5.5 GHz, the
divider, draws 430 uW and the remaining logic 980 pW, while
exhibiting a phase noise of —150 dBc/Hz at 1 MHz offset.

VII. BASEBAND FILTER DESIGN

The baseband filters shown in Fig. 2(a) must suppress the
blockers according to the 11a standard, present an input noise
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Fig. 6. (a) Conventional implementation of a biquad, (b) basic idea of noninvasive filtering, and (c) noninvasive implementation of a biquad.

much less than the amplified noise of the RF front end, and pro-
vide adequate voltage gain. For a data rate of 6 Mb/s, the adja-
cent and alternate channels can be 16 dB and 32 dB above the
desired signal, dictating a high selectivity. The blocker speci-
fications are relaxed by 17 dB for a data rate of 54 Mb/s, but
the order of the filter is still determined by the former case. It
is possible to defer some of the filtering to the digital domain
if the baseband ADCs offer a dynamic range wide enough and
a sampling rate high enough to handle the partially-attenuated
blockers. In this work, we seek a self-sufficient system and de-
sign the filters for complete channel selection.

In OFDM systems, each subcarrier occupies a narrow band-
width, across which the filter phase response can be assumed
linear. Thus, the phase linearity of the baseband filters is not
critical in 11a, allowing an elliptic implementation for sharp se-
lectivity. A fifth-order filter satisfies the rejection required in the
adjacent and alternate channels, but the challenge is to achieve
low noise for signals near the sensitivity level and enough lin-
earity so that the filtration does not degrade in the presence of
large blockers. Specifically, a filter input-referred noise of about
4 nV/v/Mz raises the receiver NF from 4.5 dB to 6 dB.

A. Choice of Filter Topology

Let us first consider the GG,,,-C biquad section shown in
Fig. 6(a) [26]. This circuit exhibits the following transfer
functions: Vou/Vin = GmiR1(5? + Gu2aGinz/CaCs) /D and
VX/I/in = GmlRl [32 + (GmS/CZ)S + GmZGmS/CZCS]/Dz
where D = (1 + Gngl)SQ + (Gmg/CQ)S + GmgGmg/Cz(jg,
suggesting that the adjacent-channel blocker can be suppressed
in Vgt but not in Vx. That is, the blocker experiences voltage

gain as it travels to X, potentially compressing G,,; at its
output and G, at its input.

Two other issues plague the topology of Fig. 6(a). First, G,
contributes noise within the desired channel according to the
transfer function k/(as? + bs + 1), posing severe noise-lin-
earity-power trade-offs. Second, the differential implementation
would require three four-input G,,, cells, further exacerbating
the noise problem.

The “noninvasive” filter topology introduced in [27] relaxes
all of the issues mentioned above. Illustrated conceptually in
Fig. 6(b), the idea is to create a notch at the output node by
means of a “trap”, Zr, an emulated series LC tank. If the trap
frequency, f, is placed in the middle of the adjacent channel,
then the blocker is heavily suppressed and does not compress
G 1 at the output. Moreover, since Zr is nearly an open circuit
within the desired channel, it contributes little noise.

Depicted in Fig. 6(c) [27], the actual implementation
synthesizes the trap by resonating C; with an inductance
L.. This inductance is produced by “rotating” C3 with the
aid of a gyrator consisting of G,,3 and G,,4 and is equal
to C3/(Gm3Gma). The transfer functions associated with
this circuit are expressed as Vou,/Vin = GmiRi[s® +
Gm3Gma/C2C5]/E, Vx [Vin = G Ry 8% — (G 2/ C2)s] /B,
and VY/I/}H = _(GWLIRleS/CS)(S - Gm2/02)/E: where
E = (1 +Gm2R1)82 + (GmgGm4R1 /03)5+G7n3Gm4/02C3.
Interestingly, the blocker experiences gain as it reaches node X
because, roughly speaking, C5 and L. act as a series resonant
network. This effect will be quantified for the design described
below, but we should remark here that compression at node
X simply shifts the trap notch frequency and does not affect
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the transfer function in the signal band. This can be seen from B. Filter Implementation

L. = C3/(G,,,3G ,4) by noting that reduction of G5 or G4

translates to a greater inductance. We recognize that the noise Shown in Fig. 7(a), the overall filter incorporates two cas-
of G2 and G,,4 sees a high-pass transfer to V,,;, and that of caded sections, which along with a passive first-order RC sec-
G .3, a band-pass transfer. Thus, the output noise principally tion (not shown), achieve the selectivity necessary for 11a. The
arises from G ,; (and Ry). implementation of the building blocks is depicted in Fig. 7(b).
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The G,,1 and G2 cells are programmable, allowing gain re-
duction for high input levels.

Fig. 8(b) plots the simulated noise transfers to the output from
the inputs of G,,,1—G s, indicating that G,,,3—G,,,s contribute
negligibly.

Fig. 9 plots |Vout/Vin| in the presence of several blocker
levels in the adjacent and alternate channels. In this simula-
tion, the alternate-channel blocker is 16 dB higher and the peak
input voltage swings are shown.* We observe that for an al-
ternate-channel blocker level of 12.6 mV,,, which corresponds
to —40 dBm at the receiver input (with 12 dB of front end
gain), the response changes negligibly. This means that an al-
ternate-channel blocker 25 dB higher than the desired signal is
tolerable by virtue of noninvasive filtering. For a higher desired
and blocker powers, the gain can be reduced.

According to simulations, the filter exhibits an input-referred
noise voltage of 2 nV/v/Hz, an in-channel 1 dB compression
point of 7.1 mVy,, (in the high-gain mode), and a voltage gain
of 39 dB while drawing 4.3 mW. The filter's voltage gain is pro-
grammable in steps of 2 to 3 dB for a total range of 43 dB. The
present design does not have the provision for frequency tuning,
but this can be accomplished by adjusting C>—C’ in Fig. 7(a).

VIII. EXPERIMENTAL RESULTS

The receiver of Fig. 2(a) has been fabricated in 65-nm digital
CMOS technology. Fig. 10 shows the die photograph. The RF
section occupies 350 um x 240 um and the baseband section
450 pm x 220 pm.5 The circuit is bonded to a printed-circuit
board and operates with a 1-V supply.

Fig. 11(a) plots the measured noise figure of the complete
receiver as a function of the baseband frequency. The average
noise figure is about 5.3 dB and the rise at low frequencies
is due to the flicker noise of the baseband stages. The sen-
sitivity of the receiver is measured with the aid of Agilent's

4In the 11a specifications, an alternate-channel blocker of —50 dBm must be
tolerated when the desired signal is at —65 dBm.

SDue to limited silicon area, the receiver layout is decomposed and placed
within other unrelated circuits, but all of the connections are present on the chip.
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N5182 MXG vector signal generator and N9020A MXA signal
analyzer, which respectively apply a 64-QAM 802.11a signal
and sense the baseband outputs to construct the signal constel-
lation. Fig. 11(b) shows the results for a —65 dBm 5.7 GHz
input at 54 MB/s. The error vector magnitude (EVM) is equal
to —28 dB, exceeding the 11a specification by 5 dB, suggesting
that the receiver sensitivity would be 5 dB better. As expected,
the sensitivity was measured to be —70 dBm with an EVM of
—23.4 dB.

Fig. 12(a) plots the S1; from 5 to 6 GHz, measured at each
input frequency, while the mixers switch at the corresponding
LO frequency. It is expected that a slightly larger transformer
or adding more capacitance can yield S1; < —10 dB across the
band. Fig. 12(b) shows the sensitivity of the receiver from 5 to
6 GHz. The sensitivity degrades slightly at lower frequencies
because the transformer is mistuned. The receiver gain across
the band in Fig. 12(c) also confirms the transformer's mistuning.

Fig. 13(a) plots the measured receiver transfer function, re-
vealing a passband peaking of 1 dB and a rejection of 22 dB at
20 MHz and 43 dB at 40 MHz.6 Owing to the finite output resis-
tance of the G, cells, the filter does not exhibit the deep notches
that are characteristic of elliptic transfer functions. The perfor-
mance of the baseband filter is ultimately tested when a large
blocker accompanies a small desired signal. In such a case, the
filter must remain sufficiently selective and linear so that the de-
sired signal does not experience compression. Fig. 13(b) plots
the measured passband gain as a function of the power of an RF
blocker in the adjacent or alternate adjacent channel.

The filter nonlinearity resulting from a blocker may also cor-
rupt the 11a 64-QAM OFDM signal by creating cross modu-
lation among the sub-channels. This effect is characterized by
setting the RF input signal level 3 dB above the sensitivity, ap-
plying a blocker, and raising its level until the EVM falls to
—23 dB. Fig. 14(a) plots the relative blocker level in this test
as a function of the frequency offset with respect to the desired
signal center frequency. The non-monotonic behavior observed
in these measurements is difficult to explain. One possibility is
that it may arise from how the equipment measures the pilot
channel in the presence of residual blocker.

Fig. 14(b) shows the measured EVM and the corresponding
passband gain versus the input power. As the input level be-
gins to rise from —70 dBm, the EVM is noise-limited and falls
but, beyond —25 dBm, it is nonlinearity-limited and rises. The
baseband variable gain guarantees an EVM of —23 dB for input
levels as high as —17 dBm.

Table I summarizes the receiver performance and compares it
to that of prior art. This work has reduced the power consump-
tion by about a factor of 4 while demonstrating a sensitivity of
—70 dBm for an 11a 64QAM OFDM signal at 54 Mbps with a
code rate of 3/4. The sensitivity is measured at EVM = —23 dB,
which corresponds to a BER of 103 [28].

IX. CONCLUSION

This paper suggests the use of transformers in place of
active LNAs to save power and provide ESD protection.
The “zero-power” front end consisting of a transformer and

6In this measurement a first-order RC section follows each output on the PCB.
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Fig. 11. (a) Measured noise figure, and (b) measured EVM at P, = —65 dBm.

10

passive mixers along with noninvasive filtering exceeds the
11a requirements while consuming 11.6 mW. An analysis of
differential passive mixers with 25% duty cycle LO offers
insights into their properties.

APPENDIX A
ANALYSIS OF CURRENT-DRIVEN PASSIVE MIXERS

We consider Fig. 3 and assume a zero switch resistance for
now. The differential I and Q output voltages can be expressed
as Vout, 1(t) = [Tmix () X (S1—53)|%[2Z(¢)] and Vouy o (t) =
[Tmix (1) X (S2—S4)]#[2Z1,(t)], where Z,(t) denotes the inverse
Laplace transform of Zp,(s). The input voltage, Vi, is equal to
+Vout,r when Sy is high, —Vous,r when Sy is high, etc., as-
suming the form Vin (2) = Vous,r(2) x (81— S3) + Vour,of(t) x
(S2 — S4). Substituting for V4,7 and V. and taking the
Fourier transform, we have

‘/ln(f) = 2{Umix * (Sl - 53)] X ZL} * (SI — Sg)

+ 2{[Lmixe % (S2 = Sa)] X Zp}# (S2 — Sa) (1)
where the quantities on the right-hand side are frequency-do-
main representations. This equation is the differential form of
that in [22] and plays a central role in our analysis, drawing

Ch1 Spectrum EVM = -28054 dB
EVM = 3.9564 %rms
15 dBydiv_Ref 15 dBm PilolEVM = -29.844 @B
Lo N CPE  =10192  %ms
FreqEmr = -560.80 mHz
IQ Offset = -3452 dB
5 — || Quad Err = 452.80 mdeg
90 Gainlmb = 0251 dB
105 Sync Corr = 0.97123
12 SymCIkErr = 1.07 ppm
) I
135 ‘ Mod Fmt = 64QAM
Octets = 3071
e || Symbols = 114
Center0 Hz Span36 MHz || Code Rate = 3/4
Res BW 11.9344 kHz TimeLen 320.0304 us || BitRate = 54000 Mbps |
(b)

upon the time-domain and frequency-domain characteristics of
the 51 — S5 and S> — 54 waveforms. As shown in Fig. 15, the
spectra of these two functions contain odd harmonics with an
envelope similar to that of a simple square wave. (The 90° time
shift in 5> — 54 produces a factor of j in its spectrum.) More
accurately,

2sin[(2k + 1)n /4]
2k + L)m

Si(f) -~ Ss(f)= Y

h=—
x 8[f — (2k + 1) fro), @)
oo _ 1\k sin - T
S - s =3y Y 2<2k[(+2 Ib; o
k=—-o0
x 8[f — (2k + 1) fLol. ®)

The derivations have thus far considered general source and
load impedances. A number of special cases are of particular
interest for their simplicity or applicability: (1) Zg can be infi-
nite, a real value, or a band-pass impedance, and (2) Z, can be
a capacitor. In addition, the switches can have a zero or finite
resistance. We first assume Zg = o¢ and derive characteristics
such as the input impedance and conversion gain and study the
effect of switch resistance. Next, we assume Zg < oo and ex-
tend the results.
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Fig. 12. Measured (a) input return loss, (b) sensitivity, and (c) passband gain.

Suppose Zs = oo and the input current in Fig. 3(a) is a sinu-
soid at fin. Thus, Imix (= Iin) is also a single tone, which, upon
experiencing the operations in (1), shifts up and down in fre-
quency. We seek all mechanisms that shift an input at fj;,, back
to fin after the two convolutions with S; — S5 or S — S, take
effect. We first consider only the impulse at + fi;,, i.e., assume
Imix = 6(f — fin). It follows from (2) that

[ mix (Sl 53)] X ZL(f)
B sin[(2k + 1) 7T/4} :
= Z %—Jrl) Olf — fin
- (2/‘3 + 1) frolZrfin + 2k + 1) frol. “4)

Referring to (1), we multiply the result by 2 and convolve it with
S1 — 83, and choose the frequency components that are equal
to f in-

2{{mix (51 53)] X Zry* (51— 53)(fin)
= 772 Z 2£+fm Zplfin + 2k + 1) fLol- (5)

(c)

The second term in (1) can be obtained in a similar manner, and
the calculations can be repeated for Li,ix = §(f + fin). We thus
obtain the input impedance in the vicinity of fi, as

Zmix(fin) = QZL(flnifLO) + ZL(finigfLO)

32

+5LZZL(fini5fLo)+.., (6)

1

which is twice that reported in [22] and [23]. It is interesting to
note that the input impedance consists of the series combination
of translated copies of Zz. This occurs because voltage com-
ponents at fi,,, which are created by the same current source,
add. In the special case of Z1(f) = Ry, the infinite sum in (6)
converges to Zuix(fin) = 2Ry, an expected result because the
input source does not recognize that the resistors are switched
when the circuit contains no memory.

The conversion gain can be defined as the intermediate-fre-
quency (IF) voltage (at the I or Q output) divided by the RF
input current or by the RF input voltage. We compute the LO
fundamental amplitude in S; — S as V2 /7 and write the tran-
simpedance gain as Ap = 2v/2/7Z1(fin — fLo ). To obtain the
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TABLE I
COMPARISON WITH STATE-OF-THE-ART

This Work| [71 [29] [30]

Frequency (GHz) | 5.1-5.9|5.15-5.35 49-5.95| 51-5.9
NF (dB) 5.3 8.0 4.4 5.5
IIP; (dBm) +26 -11.2 +5 +16
Gain (dB) 5-48 | 14-945| 8-74 19 -89
Sensitivity (dBm) _ _
at 54 Mb/s 70 NA NA 75.5
LO Leakage (dBm) _
at 5.5 GHz 60 NA NA NA
Power (mW) 11.6 46 108* 72.7**

LNA 0 11.7

Mixers 0 9.8

LO Buffers 0.4 10.8

Filters, VGAs 10 13.7

Divider/ 1.2

25% Logic :
CMOS Process 65nm | 0.18 um | 0.18 um | 0.13 um
Area ( mm?) 0.183 NA NA NA

* Including ADC.
** Without LO Buffer.

voltage conversion gain, we divide Ag by the input impedance

at f = fin:

Zr(fin—fLO)
Zi(finEfLo)+ 32 Z0(fin£3fLo)+ 32 2 (fin£5fL0)+

O]

This voltage gain reduces to v/27/4 (~0.9 dB) [15] and v/2/7
(= —6.9 dB) for capacitive and resistive loads, respectively.
Note that passive mixers with capacitive loads provide positive
conversion gain.

The effect of the switch resistance, R, , can be included
with the aid of Fig. 16, where Ry, is “factored out” and placed
in series with the input source [31]. In other words, the input
impedance is now equal to that given by (6) plus 2R,,,. The
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transimpedance gain remains the same, but the voltage conver-
sion gain is revised to (8), shown at the bottom of the page.
With Zg < oo in Fig. 3(2), Imix = lin — Vin/Zs, complicating
the derivations because Vi, contains components around odd
harmonics of fi.o and so does Iny;x. We begin with R,,, = 0
and observe that (1) still holds. Fig. 17 illustrates the problem
that we must solve. A unit input current near % f,o is shifted
up and down by multiples of 4f1,0, generating new compo-
nents in Inix(f) and Vi, (f). Using (1), we wish to compute
a; and b; and hence express the input impedance as Zin(fin) =
Vin(fin)/Lin(fin) = b1. This task is pursued in Appendix II,
yielding

Zin(fin) =
%ZL(fm fLO)
g 1
1+ A fm_fLO Z 4k+]_ QZS(fm+4k?fLO)

(C))

which is the same as those in [22] and [23]. Here, we have
assumed Z7(f) is band-limited and neglected its translated

copies.
Equation (9) can be rewritten as
1 1 1
= - ot o
Zin(fin)  =Z0(fin — fLO) 7Zs(fin — 8fr0)
1 1
+ +
32Z5(fin _4fLO) Zs(fin)
1 1
+ = + = +
52Zs(fin +4fLo)  92Zs(fin +8fL0)
(10)
Illustrated in Fig. 18, Z;, is equal to (8/7%)ZL(fin — fLo) in

parallel with Zg(fin) and its translated and scaled copies [19].

To include the effect of switch resistance, we replace Iiy,
Zs, and the two Ry,,'s with their Norton equivalent, arriving
at an input current equal to [iy Z5/(Zs + 2R, ) and a source
impedance equal to Zs + 2R,,,. We therefore replace Zs in
(9) with Zs + 2R, and write the result as shown in (11) at
the bottom of the page. In the original circuit, Vi, = Viuix +
2R g5 Iinix and Inix = Iy — Vin/Zs, yielding Vi, /Iy, as shown
in (12) at the bottom of the next page, which agrees with those
in [22] and [23]. Fig. 3(b) shows the equivalent impedance in

Ay = (2v2/m)Z1(fin — fro) "
L 2R+ B/7) [ZL(fin £ fro) + 3 Z0(fin £3fL0) + 52 Z0(fin £ 5fro) + -]
Z 8’Z in
WMﬁ:m%+; QLU ~ fro) (11

]-+ ZL fln*fLO Z

1
V2 Zs(fin + 4k fro) + 2Raw)

(4k + 1)
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Fig. 14. Measured (a) maximum blocker level for EVM = —23 dB, (b) EVM and passband gain versus input power.

this case. For a capacitive load, Z1.(fin — fro) is large and the
second term in the denominator of (12) is dominant, yielding
{ZS(

Zs(fin) ’
-

Zin(fin) m
fin +4kfro) + 2Rsu]

= ZS(fin)H(QRS“’) +

o0

c ZM (4k +1)?[Zs(

k=—

(13)

The transimpedance and voltage gains for a capacitive
load and R, # 0 can be calculated as follows. In Fig. 3(a),
Inix = Vin(Zs — Zin)/Zs Zin. Also, the low-frequency output

in Fig. 16, Vi1, is upconverted with a gain of 242 /7 and

added to 2R, Imix to generate Vi in the vicinity of fro. We
thus have Ay cap = (V27/4)(1 + 2Rs0/Zs — 2R/ Zin).
The transimpedance gain, A, is equal to Ay cqp X Zin, where
Zin 1s expressed in (13).

We now compute the noise figure of the circuit shown in
Fig. 3, assuming that Zg is a resistor, Rg, and Z, a capacitor,
Cr.

Suppose R;,, = 0 for now. If I;;, denotes the rms value of the
input current, the signal-to-noise ratio at the input is given by
SNR;, = I2 /(4kT/Rg). The signal and the noise around fr.o
are downconverted with the same transimpedance gain, Ag.
However, the noise around the nth harmonic of fr.o (7 is an odd

Zin(fin) ZS(fin)

7‘.82 ZL(flIl - fLO)

= ZS(fin)||(2R3w)+

|:ZS(fin) + 2st

1+ 5 7Z1(fin — fro) Z

(12)

o0

1
ZS(.fln + 4l"fLO) + 2st]

(4k +1)?
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Fig. 15. Switching functions S; — S5 and S2 — S, in time and frequency domains.

'in
Y /mix + Vin - I mix
= Rgw S, S, RSWEE
¢ —10 o——¢
Z
S, = S
0 o—¢
Z
S, = S,
IL__O/ o——9
Z
S4 = 82
o — o

Fig. 16. Moving the switch resistance to the main path.

integer) also folds down with a gain of Ar/n [11]. The output
SNR is thus equal to SNRow = I A%/[(4kT/Rs)A%(1 +
1/3% +1/5% + - ..)], where we have assumed direct conversion
and hence a double-sideband (DSB) signal. It follows that the
DSB NF is NF = #2/8 ~ 0.9 dB. This is the lower bound
on the noise figure of a current-driven quadrature downcon-
verter with 25% duty cycle, simply arising from the aliasing
of the broadband noise of Rg. If R,,, > 0, then Ifn is scaled
by a factor of R%/(Rs + Rs.,)? while the total noise current
is 4kT/(Rs + 2Rs, ), yielding NF = (72/8)(1 + 2R, /Rs).

This result is similar to that in [11] (for a single-ended input)
except for the factor of 2 that appears before R, .

Finally, we determine the NF with a band-pass source
impedance that reduces to Rg in the vicinity of frLo. For a
narrow-band input channel around fro, the input SNR and
the output signal power remain the same as before, but the
downconverted noise changes to
V2

r

n,out
- 4kTR%
| Rs(Rs + 2R,,)2

AkT(2R,,,)
(RS + 2R5w)2

n { 4kT|Zs(3fLo)|? 4kT(2R;y) } A_%{
RS|ZS<3fLO) + 2Rsu;|2 ‘ZS(gfLO) + 2st|2 9
n { 4kTZs(5fL0)]? 4kT(2Rsy) }
RslZs(5fLo) + 2Rswl®  |Zs(5fro) + 2Rsw|?
A%
ZR L 14
X o+ (14)
The noise figure is expressed as
2R, \’
NF={(1 -
( " Rs )
*i’ 1 |Z3[(2k + 1) fro]| + 2RsuwRs
= @R+ 17| Zs[2k + D) fro] + 2R
15)

As a special case, suppose Zg is a parallel RLC tank resonating
at fro and with a sufficiently high Q that Zg[(2k + 1) fLo] can
be neglected in (15) for & > 0. The NF then simplifies to

2
2R5w + (77_ . 1) (2 + 2R5w RS
8
(16)

NFprc =1+ +

RS RS 2st
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Iin(f) 1 1
} } } } } } } } } } } } } t } -
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'mix( f) a_1 a1
3_3 33
ag ag
e RN [
:4 — L 4: >
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b_s? zr b,
b_7 lf [f by
4 et A B e by b 4 >
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Fig. 17. A single-tone current applied at the input and the resultant spectrum of the mixer input current and voltage.
lin bi/(—T7), etc. Moreover, Iy = I — Vin/Zs yields
—® a1 = 1 — bi/Z{f), a.s = —b3/Z(f—4fro),
Z<(fin) as = —bs/Z(f +4frLo), etc. Substituting for the b
— values, we have a_3 = (a1 — 1)Zs(f)/[3Zs(f — 4fvol,
2 as = (a1 — 1)Zs(f)/[-5Zs(f — 4fro], ete.
3 zs('fi_"_I 4fi0) Next, we write a; = 1 — b1/ Z,(f) and substitute for b; from
R — (17) and a_3 and a5 from the above, arriving at
5 Zg(fin+4fLo) 1 8
: — a1 7.0 7 L(f — fro)
7 Z (f - 8f ) Zs Zs
s'in "'LO X [1 + (a1 — 1) (/) + (a1 — 1)—(f)
— Zs(f) 9Z,(f —4fro)
Zs(f)
- Har = D) g e (1)
% 2, (Fu FLo) 25Z(f +4fro)
" — It follows that
. . . . _ 8
Fig. 18. Input impedance illustration for R, = 0. (al _ 1) |:l + FZL (f _ fLO)
The minimum NF occurs for Ry, = V72 —8/(2r)Rs =~ i 1
0.218 Rg. In this case, NF,;;, = 2.54 & 4.05 dB, which agrees X 3 ]
with [19]. i, (4R + 1)2Z:(f + 4k fio)
8 ZL(f fLO) (19)
w2 Z.(f)
APPENDIX B Since Z;, = by = —(ay — 1)Zs(f), we have
INPUT IMPEDANCE WITH FINITE Zg s
. . . 7 B =Z.(f — fro)
Two equations govern the circuit of Fig. 3(a): (1) and [nix = w(f) = & 1
Iy — Vin/Zs. The former allows us to express the b coefficients 1+ 5 Zi(f - fro) Z @k +1)°2.(f T ko)
in Fig. 17 in terms of the a coefficients. We have (20)

by =2 (?) x2Z1(f — fro)

s 252 5

Note that by is in fact the input impedance in the vicinity
of fLQ. Similarly, b,3 = b1/3, b5 = bl/(—5), b,7 =

(17

7 9

ACKNOWLEDGMENT

The authors wish to thank TSMC's University Shuttle Pro-
gram for chip fabrication.

REFERENCES

[1] S. Levantino et al., “Suppression of flicker noise upconversion in a 65
nm CMOS VCO in the 3.0-to-3.6 GHz band,” in /IEEE ISSCC Dig.
Tech. Papers, Feb. 2010, pp. 50-51.



HOMAYOUN AND RAZAVI: A LOW-POWER CMOS RECEIVER FOR 5 GHz WLAN

[2] L. Fanori, T. Mattsson, and P. Andreani, “A 2.4-t0-5.3 GHz dual-core
CMOS VCO with concentric 8-shaped coils,” in IEEE ISSCC Dig.
Tech. Papers, Feb. 2014, pp. 370-371.

[3] S.Rong, A. W. L. Ng, and H. C. Luong, “0.9 mW 7 GHz and 1.6 mW
60 GHz frequency dividers with locking-range enhancement in 0.13
pm CMOS,” in [EEE ISSCC Dig. Tech. Papers, Feb. 2009, pp. 96-97.

[4] S. Cheng et al., “A fully differential low-power divide-by-8 injection-
locked frequency divider up to 18 GHz,” IEEE J. Solid-State Circuits,
vol. 42, no. 3, pp. 583-591, Mar. 2007.

[5] Y. Zhuet al., “A 50-fJ 10-b 160-MS/s pipelined-SAR ADC decoupled
flip-around MDAC and self-embedded offset cancellation,” IEEE J.
Solid-State Circuits, vol. 47, no. 11, pp. 2614-2626, Nov. 2012.

[6] S. Hashemi and B. Razavi, “A 7.1 mW 1-GS/s ADC with 48-dB
SNDR at Nyquist rate,” in Proc. IEEE Custom Integrated Circuits
Conf. (CICC), Sep. 2013.

[7] L.L.L.Kan et al., “A 1-V 86 mW RX 53 mW TX single-chip CMOS
transceiver for WLAN IEEE 802.11a,” IEEE J. Solid-State Circuits,
vol. 42, no. 9, pp. 1986-1998, Sep. 2007.

[8] N.-Y. Wang et al., “A 60 dB gain and 4 dB noise figure CMOS V-band
receiver based on two-dimensional passive Gm-enhancement,” in
IEEE RFIC Symp., Jun. 2011, pp. 65-68.

[9]1 H. Wu et al., “A current-mode mm-wave direct-conversion receiver
with 7.5 GHz Bandwidth, 3.8 dB minimum noise-figure and +1 dBm
P1 dB, out linearity for high data rate communications,” in /[EEE RFIC
Symp. Dig., Jun. 2013, pp. 8§9-92.

[10] A. Mirzaei et al., “A 65 nm CMOS quad-band SAW-less receiver SoC
for GSM/GPRS/EDGE,” IEEE J. Solid-State Circuits, vol. 46, no. 4,
pp. 950-964, Apr. 2011.

[11] B. W. Cook et al., “Low-power 2.4 GHz transceiver with passive RX
front-end and 400-mV supply,” IEEE J. Solid-State Circuits, vol. 41,
no. 12, pp. 2757-2766, Dec. 2006.

[12] J. R. Long, “Monolithic transformers for silicon RF IC design,” I[EEE
J. Solid-State Circuits, vol. 35, no. 9, pp. 1368—1383, Sep. 2000.

[13] K. Cai and P. Zhang, “The effects of IP2 impairment on an 802.11a

OFDM direct conversion radio system,” Microwave J., vol. 47, pp.

22-35, Feb. 2004.

M. Soer et al., “A 0.2-t0-2.0 GHz 65 nm CMOS receiver without LNA

achieving >>11 dBm IIP3 and <6.5 dB NF,” in [EEE ISSCC Dig. Tech.

Papers, Feb. 2009, pp. 222-223.

D. Kaczman et al., “A single-chip 10-band WCDMA/HSDPA 4-band

GSM/EDGE SAW-less CMOS receiver with DigRF 3 G interface

and +90 dBm 1IP2,” IEEE J. Solid-State Circuits, vol. 44, no. 3, pp.

718-739, Mar. 2009.

A. Mirzaei and H. Darabi, “Analysis of imperfections on performance

of 4-phase passive-mixer-based high-Q bandpass filters in SAW-less

receivers,” IEEE Trans. Circuits Syst. I, Reg. Papers, vol. 58, no. 5,

pp. 879-892, May 2011.

A. Mirzaei et al., “Analysis and optimization of direct-conversion

receivers with 25% duty-cycle current-driven passive mixers,” IEEE

Trans. Circuits Syst. I, Reg. Papers, vol. 57, no. 9, pp. 2353-2366,

Sep. 2010.

C. Andrews and A. C. Molnar, “A passive mixer-first receiver with

digitally controlled and widely tunable RF interface,” IEEE J. Solid-

State Circuits, vol. 45, no. 12, pp. 2696-2708, Dec. 2010.

C. Andrews and A. C. Molnar, “Implications of passive mixer trans-

parency for impedance matching and noise figure in passive mixer-first

receivers,” IEEE Trans. Circuits Syst. I, Reg. Papers, vol. 57, no. 12,

pp. 3092-3103, Dec. 2010.

A. Molnar and C. Andrews, “Impedance, filtering and noise in n-phase

passive CMOS mixers,” in Proc. IEEE Custom Integrated Circuits

Conf. (CICC), Sep. 2012.

M. Soer et al., “Unified frequency-domain analysis of switched-se-

ries-RC passive mixers and samplers,” IEEE Trans. Circuits Syst. 1,

Reg. Papers, vol. 57, no. 10, pp. 2618-2631, Oct. 2010.

[22] A. Mirzaei, H. Darabi, and D. Murphy, “Architectural evolution of in-
tegrated M-phase high-Q bandpass filters,” IEEE Trans. Circuits Syst.
I, Reg. Papers, vol. 59, no. 1, pp. 52—65, Jan. 2012.

[23] H. Darabi and A. Mirzaei, Integration of Passive RF Front End Com-
ponents in SoCs. Cambridge, U.K.: Cambridge, 2013.

[24] B. Razavi, RF Microelectronics, 2nd ed. Upper Saddle River, NJ,
USA: Prentice-Hall, 2011.

[25] J. W.Jung and B. Razavi, “A 25-Gb/s 5 mW CMOS CDR/deserializer,”
IEEE J. Solid-State Circuits, vol. 48, no. 3, pp. 684-697, Mar. 2013.

[26] R.L. Geiger and E. Sanchez-Sinencio, “Active filter design using oper-
ational transconductance amplifiers: A tutorial,” IEEE Circuits Devices
Mag., vol. 1, no. 2, pp. 20-32, Mar. 1985.

[27] A. Zolfaghari and B. Razavi, “A low-power 2.4 GHz transmitter/re-
ceiver CMOS IC,” IEEE J. Solid-State Circuits, vol. 38, no. 2, pp.
176-183, Feb. 2003.

[14]

[15]

[16]

[17]

[18]

[19]

[20]

[21]

643

[28] R. A. Shafik, S. Rahman, and R. Islam, “On the extended relationships
among EVM, BER and SNR as performance metrics,” in Proc. [EEE
ICECE, Dec. 2006, pp. 408—411.

T. Maeda et al., “Low-power-consumption direct-conversion CMOS
transceiver for multi-standard 5 GHz wireless LAN systems with
channel bandwidths of 5-20 MHz,” IEEE J. Solid-State Circuits, vol.
41, no. 2, pp. 375-383, Feb. 2006.

K. Lim et al., “A 2 x 2 MIMO tri-band dual-mode direct-conversion
CMOS transceiver for worldwide WiMAX/WLAN applications,”
IEEFE J. Solid-State Circuits, vol. 46, no. 7, pp. 1648—1658, Jul. 2011.
H. Khatri, P. S. Gudem, and L. E. Larson, “Distortion in current com-
mutating passive CMOS downconversion mixers,” IEEE Trans. Mi-
crow. Theory Tech., vol. 57, no. 11, pp. 2671-2681, Nov. 2009.

[29]

[30]

[31]

Aliakbar Homayoun (S’08-M’14) received the B.S.

and M.S. degrees from Sharif University of Tech-

nology, Tehran, Iran, in 2006 and 2009, and the Ph.D.

degree from the University of California, Los An-

geles (UCLA), CA, USA, in 2013, all in electronics
engineering.

: Following his Ph.D., he held a postdoctoral

\ scholar position in the Communication Circuits

Laboratory at UCLA. He has been with Corporate

/'\ R&D at Qualcomm, San Diego, CA, USA, since

April 2014. His research interest includes analog,

RF, and millimeter-wave integrated circuit design for wireless transceivers and

frequency synthesizers.

Behzad Razavi (S’87-M’90-SM’00-F’03) received
the B.S.E.E. degree from Sharif University of Tech-
nology, Tehran, Iran, in 1985 and the M.S.E.E. and
Ph.D.E.E. degrees from Stanford University, Stan-
ford, CA, USA, in 1988 and 1992, respectively.

He was with AT&T Bell Laboratories and Hewlett-
Packard Laboratories until 1996. Since 1996, he has
been Associate Professor and subsequently Professor
of electrical engineering at University of California,
Los Angeles, CA, USA. He was an Adjunct Professor
at Princeton University, Princeton, NJ, USA, from

1992 to 1994, and at Stanford University in 1995. His current research includes
wireless transceivers, frequency synthesizers, phase-locking and clock recovery
for high-speed data communications, and data converters.

Prof. Razavi served on the Technical Program Committees of the Interna-
tional Solid-State Circuits Conference (ISSCC) from 1993 to 2002 and VLSI
Circuits Symposium from 1998 to 2002. He has also served as Guest Editor
and Associate Editor of the IEEE JOURNAL OF SOLID-STATE CIRCUITS, IEEE
TRANSACTIONS ON CIRCUITS AND SYSTEMS, and the International Journal of
High Speed Electronics.

Prof. Razavi received the Beatrice Winner Award for Editorial Excellence at
the 1994 ISSCC, the best paper award at the 1994 European Solid-State Circuits
Conference, the best panel award at the 1995 and 1997 ISSCC, the TRW Inno-
vative Teaching Award in 1997, the best paper award at the IEEE Custom Inte-
grated Circuits Conference in 1998, and the McGraw-Hill First Edition of the
Year Award in 2001. He was the co-recipient of both the Jack Kilby Outstanding
Student Paper Award and the Beatrice Winner Award for Editorial Excellence
at the 2001 ISSCC. He received the Lockheed Martin Excellence in Teaching
Award in 2006, the UCLA Faculty Senate Teaching Award in 2007, and the
CICC Best Invited Paper Award in 2009 and in 2012. He was the co-recipient
of the 2012 VLSI Circuits Symposium Best Student Paper Award and the 2013
CICC Best Paper Award. He was also recognized as one of the top 10 authors
in the 50-year history of ISSCC. He received the 2012 Donald Pederson Award
in Solid-State Circuits. He was also the recipient of the American Society for
Engineering Education PSW Teaching Award in 2014.

Prof. Razavi has served as an IEEE Distinguished Lecturer and is a Fellow of
IEEE. He is the author of Principles of Data Conversion System Design (IEEE
Press, 1995), RF Microelectronics (Prentice Hall, 1998, 2012) (translated to
Chinese, Japanese, and Korean), Design of Analog CMOS Integrated Circuits
(McGraw-Hill, 2001) (translated to Chinese, Japanese, and Korean), Design of
Integrated Circuits for Optical Communications (McGraw-Hill, 2003, Wiley,
2012), and Fundamentals of Microelectronics (Wiley, 2006) (translated to Ko-
rean and Portuguese), and the editor of Monolithic Phase-Locked Loops and
Clock Recovery Circuits (IEEE Press, 1996), and Phase-Locking in High-Per-
formance Systems (IEEE Press, 2003).




