
IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 58, NO. 8, AUGUST 2023 2141

A 300-GHz 52-mW CMOS Receiver
With On-Chip LO Generation
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Abstract— A fully integrated receiver employs a heterodyne
architecture with 270- and 27-GHz local oscillators to alleviate
phase mismatch issues. The system incorporates three on-chip
phase-locked loops (PLLs) to generate the local oscillator phases
for both downconversions. Realized in 28-nm CMOS technology,
the prototype exhibits a noise figure of 16–20 dB, a gain of
17–21 dB, and a 1-dB compression point of −17.3 dBm. The
phase noise (PN) of the 270-GHz PLL is −105 dBc/Hz at 10-MHz
offset, amounting to an integrated jitter of 106 fs from 10 kHz
to 10 MHz.

Index Terms— CMOS, local-oscillator (LO) generation, phase-
locked loop (PLL), quadrature, receiver (RX), subsampling,
terahertz (THz).

I. INTRODUCTION

THE 300-GHz band holds great potential for high-speed
data communication [1], [2], [3], [4], [5]. With the

creation of the IEEE 802.15.3d standard in 2017 for radios
operating in the unlicensed frequency band from 252 to
322 GHz [6], there is now a higher interest in developing ter-
ahertz (THz) transceivers. Moreover, a number of researchers
have demonstrated the viability of such radios in CMOS
technology [3], [4], [5], [7], [8], [9], [10], [11], [12], portraying
a promising future. We should remark that these examples
consume between 140 [8] and 650 mW [9] and employ
off-chip local-oscillator (LO) signal generation.

In this article, we contend that the feasibility of THz data-
communication radios hinges upon their power consumption.
We then present a single-chip receiver (RX) and LO generator
that draws 52 mW. The prototype has been fabricated in 28-nm
CMOS technology and occupies an active area of 0.06 mm2.

Section II deals with general issues related to THz RX
design, and Section III describes the proposed RX architecture.
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TABLE I
COMPARISON OF WI-FI, WIGIG, AND THZCOM

Sections IV–IX delve into the design of the building blocks,
and Section X presents the experimental results.

II. GENERAL CONSIDERATIONS

A. Terahertz Versus Wi-Fi Versus WiGig

The principal attraction of THz radios is that they can
access a wide bandwidth (BW) and, hence, carry high data
rates. However, Wi-Fi and WiGig radios have also been under
intense development [13], [14], [15] and prove formidable
competitors. Table I summarizes some attributes of these three
wireless systems in conjunction with 28-nm CMOS technol-
ogy. In addition to the much greater BW, THz communication
(THzCom) benefits from smaller antennas. However, it also
faces two challenges. First, we write the path loss as [16]

PRX

PTX
= GTXGRX

λ2

4πd2 (1)

where GTX and GRX are the transmitter (TX) and RX antenna
gains, respectively, λ is the wavelength, and d the is distance.
With GTX = GRX = 0 dB, the loss per meter rises from 49 dB
for Wi-Fi to 82 dB for THzCom. Thus, the latter must employ
extensive beamforming if it is to compete with or complement
Wi-Fi and WiGig. This point underscores the importance of
low power consumption per beamforming element.

Second, the demands posed on circuit design are much more
severe for THzCom. With an NMOS fmax of about 450 GHz in
28-nm technology, the ratio of fmax to the carrier frequency, fc,
falls from about 10 for Wi-Fi to about 1.5 at 300 GHz.
Similarly, the quality factor of a single-turn metal-9 spiral
varies from 16.8 at 6 GHz to 13.7 at 60 GHz to 9.3 at 300 GHz,
presenting significant challenges in amplifier and oscillator
design. The inductance values are chosen to provide the same
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equivalent parallel resistance, Rp, at their respective carrier
frequencies. The metal-9 thickness and distance from the
substrate are roughly 0.9 and 4 µm. Moreover, Q of the
varactors is projected to drop to single digits [17].

B. Direct Versus Heterodyne Downconversion

Despite its simplicity, direct downconversion suffers from
several drawbacks at THz frequencies. First, it loads the RF
path with two mixers and, hence, doubles the capacitance and
conductance presented to the signal. As will be explained in
Section II-C, this leads to a 2-dB RX NF advantage for het-
erodyning. Since low-noise amplification and buffering prove
difficult at these frequencies, the use of a single mixer by a het-
erodyne RX makes this architecture more attractive. Second,
it requires the generation and distribution of in-phase (I) and
quadrature (Q) components of the LO waveform, a daunting
task at such high frequencies. For example, compared to
the differential VCO presented in this article, a quadrature
topology suffers from 12.6 dB higher phase noise (PN) while
drawing twice the power. Third, I/Q matching at 300 GHz
calls for extremely tight timing skews. For example, a phase
mismatch of 10◦ translates to about 45 fs, a formidable layout
challenge.

C. LO Generation Issues

Terahertz systems commonly begin with a fairly low LO
frequency, e.g., in the range of tens of gigahertz, and sub-
sequently multiply it up by means of frequency doublers or
triplers [18], [19], [20]. This method avoids THz fundamental-
mode oscillators and frequency dividers. However, it also faces
two issues.

1) Frequency multipliers typically provide only a single-
ended output and require bulky baluns to deliver differ-
ential phases. The work in [21], for example, operates
with the third harmonic to deliver differential outputs
at 60 GHz while drawing 44 mW.

2) The high loss associated with multipliers and baluns
dictates the use of gain stages at the final frequency,
thereby consuming high power. For example, the mul-
tiplier chain in [18] raises an external 15-GHz input
to 240 GHz while drawing 1 W. As another example,
one can envision an oscillator operating at half of
the frequency of interest and doubling the output by
means of multipliers [22], [23], [24], [25]. However,
the approach in [22], for example, introduces a loss of
14 dB, which must be compensated by several power-
hungry stages (given the low transistor gain), so as
to drive the RX mixers with sufficient voltage swing.
Moreover, the inductors in such stages lead to a complex
floor plan. According to simulations, three inductively
loaded gain stages in 28-nm technology would require
nearly 20 mW to afford 14 dB of gain while driving the
mixer in our RX.

One could argue that the high phase noise of fundamental-
mode oscillators makes them less attractive than oscillator/
multiplier cascades. However, given the large power necessary

Fig. 1. Proposed RX with LO generation.

for the latter, we demonstrate in this article that cascaded
phase-locked loops (PLLs) can suppress the phase noise more
efficiently. We surmise that fundamental-mode oscillators are
more efficient.

Another critical issue is the reference phase noise. For
example, a 450-MHz crystal oscillator (Crystek CRBSVS-
01-450.000) with a phase noise of −168 dBc/Hz at offset
frequencies above 200 kHz yields significant jitter at 300 GHz.
For this reason, the PLL BW must be reduced, but then the
(fundamental-mode) oscillator contributes excessively. These
thoughts point to the use of cascaded PLLs as a more viable
solution.

III. PROPOSED RX ARCHITECTURE

For the reasons presented in Section II, this work employs
heterodyne downconversion. Fig. 1 shows the RX architecture.
The input signal is applied to mixer MX1, which is driven
by a 270-GHz LO. The 30-GHz intermediate-frequency (IF)
signal is then amplified and downconverted to baseband by
MXI and MXQ using the quadrature phases of a 27-GHz LO.
The LO generation network in Fig. 1 consists of three PLLs
and two ÷2 stages. PLL3 receives a 450-MHz reference and
synthesizes a 54-GHz differential output, as denoted by LO3
in Fig. 1. This signal drives the dividers and PLL2, which acts
as a frequency doubler. PLL1 produces a 270-GHz waveform
with the aid of LO2. The cascade of PLLs affords considerable
leverage for reducing the overall jitter that the LO path imparts
to the RF signal. The reason for incorporating three PLLs
becomes clear in Section VI.

To quantify the advantage of this mixer-first heterodyne
RX, we plot the simulated noise figure (NF) in three cases,
namely, for a heterodyne RX, including an inductively degen-
erated common-source low-noise amplifier (LNA), a direct-
conversion RX presenting two mixers to the input signal, and
the proposed RX. Fig. 2 shows the results, predicting NF
values of 21.6, 18.6, and 14.1 dB, respectively. For a fair
comparison, all of the RX designs target a conversion gain
of 15 dB with a 3-dB BW of 20 GHz. It is seen that the
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Fig. 2. Comparison of different RX architectures: direct downconversion
with LNA, mixer-first direct downconversion, and proposed RX.1

limited transistor gain at 300 GHz prohibits the LNA from
reducing the RX NF.

We describe the LO generation circuits later, but we should
remark here that the proposed choice of the PLL frequencies
and BWs leads to a compact, low-noise design. Specifically,
with a reference frequency of 54 GHz, PLL1 benefits from a
BW of 560 MHz, greatly suppressing its oscillator phase noise.
Similarly, PLL2 achieves a BW of 440 MHz. For PLL3, on the
other hand, the BW is selected, so as to minimize the sum of
the oscillator and reference contributions. The proposed RX
saves power by means of two techniques: it avoids typical
frequency multipliers and employs no buffers in the RF and
LO paths.

IV. LO PATH OPTIMIZATION

The premise behind the proposed frequency plan in Fig. 1
is that it avoids THz frequency dividers, lossy frequency
multipliers, and lossy I/Q separation. The resulting three-
PLL solution is justified and optimized, as explained in the
following. For illustration purposes, we neglect the phase noise
due to flicker noise.

It has been shown in [26] that cascaded PLLs outperform
a single loop under certain conditions. Specifically, suppose
that we wish to synthesize a given frequency M fREF from a
crystal oscillator operating at fREF and exhibiting a relatively
flat phase noise of SREF. We first develop VCOa at this
desired frequency, obtaining its phase noise profile, S8na( f ).
A single PLL is created and optimized by writing S8na( f1) =

M2SREF and selecting the loop BW equal to f1 [see Fig. 3(a)].
Alternatively, we can seek M = Na Nb, cascade two loops
containing VCOa and VCOb, and divide ratios equal to Na

and Nb, respectively [see Fig. 3(b)]. If the phase noise of
VCOb, S8nb( f ), satisfies the following inequality:

Sφna( f ) > N 2
b Sφnb( f ) (2)

then cascading is advantageous [26].

1The direct-conversion example uses small devices with a simple matching
network.

Fig. 3. (a) Single PLL and (b) cascaded PLLs equivalent to the single PLL.

With the inductor and varactor degradations observed in
Section II, we expect (2) to hold in our case. In particular,
as will be discussed in Sections VI-A and VIII, a 270-GHz
2.5-mW VCO exhibits a phase noise, S8na( f = 40 MHz) =

−107 dBc/Hz, whereas a 54-GHz 11.8-mW VCO displays
S8nb( f = 40 MHz) = −138 dBc/Hz. We note that raising
S8nb by 10 log(270/54)2

= 14 dB still leaves a 13-dB margin
with respect to S8na . Thus, cascading proves beneficial here.

The proposed heterodyne frequency plan in Fig. 1 naturally
leads to the 270- and 54-GHz PLL frequencies. The latter is
optimized by selecting its loop BW equal to the intersection
of its free-running VCO phase noise, SVCO3( f ), and the
“amplified” reference phase noise, (120)2SREF. With SREF =

−168 dBc/Hz, this yields BW3 ≈ 25 MHz, but, to suppress
the VCO flicker noise contribution, we select BW3 ≈ 40 MHz.

As explained in Section VI, PLL2 and PLL1 can be jointly
viewed as a frequency-quintupling circuit. We, thus, consider
PLL3 and PLL1 as PLLb and PLLa in Fig. 3(b), respectively,
with Nb = 120 and Na = 5. In the simplest case, we would
find the intersection of N 2

a N 2
b SREF with the phase noise of

VCO1, but, in our design, the former lies below the latter [see
Fig. 4(a)]. Some optimization is, therefore, necessary so that
the sum of the shaped VCO1 phase noise, and that of PLL3
is minimized. Selecting a BW of 560 MHz for PLL1 [see
Fig. 4(b)] yields an rms jitter of 43.3 fs from this PLL and
another 33.9 fs from PLL3. (The jitter contributed by PLL2 is
only 4.8 fs.)

V. RX DESIGN

The heterodyne path depicted in Fig. 1 receives and down-
converts the 300-GHz input to an IF of 27 GHz. Plotted in
Fig. 5 are the simulated NF and voltage conversion gain of
a standard single-balanced active mixer serving this purpose.
The mixer output loads are realized as resistors rather than an
LC tank to maximize the BW. We note the high NF and the
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Fig. 4. (a) Noise contributions of cascaded stages. (b) VCO1 noise shaping.

Fig. 5. Active and passive mixer gain and NF comparison.

Fig. 6. Proposed input mixer and IF amplifier.

low gain. Similarly, a passive implementation with capacitive
loads yields the results shown in Fig. 5, still poor performance,
yet better than the active mixer case.

The mixer employed in this work is illustrated in Fig. 6
along with the IF amplifier. The gate of the mixer is directly
biased by the LO common-mode level. The drain and the

Fig. 7. (a) Gain and (b) NF of mixer/IF amplifier cascade for W3,4 = 2, 6,
and 10 µm and L3 = 50, 70, and 90 pH.

source are directly biased with the external Vb, which also
provides the gate bias of the IF amplifier. The use of series
peaking inductor L3 alleviates the effect of pad and elec-
trostatic discharge (ESD) device capacitances. The switching
action of M3 and M4 with sinusoidal LO waveforms presents
a real part at the input, which, along with the resistive losses
of the microstrip and L3, yields reasonable matching. The
transmission line is implemented with a 1.4-µm-wide metal-9
RF line atop a 14.4-µm-wide metal-3 ground. The principal
tradeoff encountered here, namely, that between the loss of
M1 and M2 and the input capacitance of M3 and M4, is also
relaxed by L1.

The tradeoffs in the design are quantified by the simu-
lated gain and NF plots shown in Fig. 7, where W3,4 varies
from 2 to 10 µm (the channel lengths are 28 nm), while their
drain current density remains constant. Inductor L3 assumes
values of 50, 70, and 90 pH, revealing that the optimum
occurs for W3,4 = 6 µm and L3 = 70 pH. We should remark
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Fig. 8. Small-signal model of the IF amplifier.

Fig. 9. RF mixer and IF amplifier gain and NF with and without PMOS
cross-coupled pair.

that these simulations incorporate the logic models for intrin-
sic transistors, and the remainder of the layout is extracted
by Ansoft’s HFSS [27]. Thus, all resistive, capacitive, and
inductive parasitics associated with vias and interconnects are
included.

In order to achieve a high gain across a wide BW, the IF
amplifier incorporates shunt peaking but also a cross-coupled
PMOS pair. The latter provides 16% of the bias current of M3
and M4, and also raises the gain. The loop gain provided by
M5 and M6 must remain below unity at dc to avoid latchup and
at high frequencies to preclude oscillation. The latter condition
prevails as the resonance of the tanks raises the loop gain. With
the aid of the simplified model depicted in Fig. 8, where Rp

denotes the equivalent parallel resistance of the tanks, we have

Loop Gain = g2
m5

[(
R3 + Rp

)
||ro5||ro6

]2
. (3)

This value is set to about 0.6 in this design in the worst case.
Fig. 9 plots the simulated gain and NF of the mixer and the
amplifier before and after M5 and M6 added. We note that the
gain rises by 1 dB on average, and the NF falls by 0.4 dB.
The circuit draws 0.92 mW, and the 3-dB IF BW reaches
40 GHz. No matching network is implemented between the RF
mixer and IF amplifier to preserve the high BW and prevent
further matching losses between the components.

The IF mixers in Fig. 1 consist of common-source stages
driving passive double-balanced mixers. These mixers are
followed by a baseband gain stage [see Fig. 10(a)]. The sim-
ulated gain and input-referred noise voltages of the baseband
amplifier and the overall IF mixer/amplifier chain are plotted
in Fig. 10(b). The chain draws 4.3 mW.

Fig. 10. (a) IF mixer and baseband amplifier and (b) their combined gain
and input referred noise.

Fig. 11. Simulated S11 of the RX.

Overall, RX achieves a minimum NF of 16 dB, with 48%
of the noise contributed by the input matching network and
the pad parasitics. Another 41% is due to the RF mixer, and
the rest is due to the IF amplifier and mixers.

Fig. 11 plots the simulated S11 of the RX (with the
mixer switching). S11 is below −10 dB across a BW of
about 25 GHz.

VI. RF PLL

In the proposed architecture of Fig. 1, PLL1 generates an
LO waveform at 273 GHz for the RF mixer. In this section,
we study the design of this PLL and its building blocks.
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A. PLL Architecture

We wish to employ a fundamental-mode differential VCO
to generate the 273-GHz waveform; our conjecture is that
such an endeavor consumes less power than beginning with a
low-frequency oscillator and using multipliers. Nonetheless,
we face several challenges that impact the choice of the
architecture and circuit topologies. First, the VCO must deliver
large voltage swings to the passive RF mixer, so as to ensure
a low ON-resistance for the transistors and, hence, a low loss.
Second, as mentioned in Section II-C, MOS varactors suffer
from a low Q at these frequencies [17], degrading the phase
noise and possibly prohibiting oscillation startup. Third, even
without the varactor issue, the VCO phase noise generally rises
at higher frequencies. For a standard LC oscillator having
a tail current of ISS, the phase noise is generated due to
the cross-coupled transistors, and the tank’s thermal noise is
given by [28]

S8n( f ) =
π2(γ + 1)kT

2Rp I 2
SS

(
f0

2Q1 f

)2

(4)

where γ is the excess noise coefficient of MOSFETs, Rp is the
equivalent parallel resistance of the tanks, f0 is the oscillation
frequency, and 1 f is the offset frequency. As an example,
according to HFSS simulations, a 45-pH inductor used in a
56-GHz synthesizer [29] has Q of about 20, and Rp = 320 �,
whereas, at 273-GHz, Q = 15 and Rp = 636 �. Thus, for the
same bias current, the oscillator phase noise rises by a factor
of 21.2, as we go from 56 to 273 GHz.

The key point here is that the VCO phase noise can be
suppressed to acceptable levels only if PLL1 provides a very
wide BW, which, in turn, requires a high reference frequency.
With fLO3 = 54 GHz in Fig. 1, this condition is satisfied.

The fourth challenge relates to the need for a 273-GHz fre-
quency divider. Such a circuit must present a small capacitance
to the VCO, achieve a sufficiently wide lock range, and drive
the next divider stage with proper voltage swings. To avoid
these daunting requirements, we turn to a subsampling PLL
architecture [30].

Fig. 12(a) shows a possible realization, where S1 samples
the VCO voltage on C1 when the reference falls. Unfor-
tunately, such an arrangement fails to lock, a phenomenon
caused by the finite fall time of the reference. As illustrated
in Fig. 12(b), the difficulty is that the ON-resistance of S1
climbs, while VVCO makes several cycles. As a result, the
last cycle reaching C1 is heavily attenuated, carrying little
phase information or, from another perspective, leading to a
low phase detector (PD) gain. This effect is quantified by the
simulated PD gain shown in Fig. 12(c) as a function of the LO
fall time. Here, VVCO arrives at 270 GHz and VREF at 54 GHz.
Given the nearly sinusoidal waveforms at our frequencies of
interest, we predict failure to lock.

The foregoing difficulty is resolved if the feedback fre-
quency sensed by the PD is lowered, preferably without
resorting to a frequency divider. This is possible by means
of offset mixing, as depicted in Fig. 13(a). Selecting f3 =

2 × 54 GHz = 108 GHz, we observe that fb = 168 GHz =

3 fREF1. Thus, the PD subsamples by a factor of 3. We expect

Fig. 12. (a) Simple subsampling PLL, (b) subsampling failure due to long
high rise/fall time, and (c) effect of rise/fall time on PD gain.

the 65% reduction in the frequency sensed by the PD to raise
its gain considerably. Fig. 13(b) repeats the PD simulation
versus the subsampling ratio, assuming that the reference has
a sinusoidal waveform. Reducing the ratio from 5 to 3 suggests
a tenfold increase in the PD gain.

We should remark that the proposed PLL does not carry to
its output spurs created by mixer MX0. Since MX0 generates
frequencies equal to m fVCO1±n f3, where m and n are integers;
since fVCO1 = 5 fREF1 and f3 = 2 fREF1, we note that the
PD transistor senses only harmonics of fREF at its inputs and,
hence, does not produce spurs at X . This is an advantage of the
proposed LO generation scheme.

The actual implementation of PLL1 is depicted in Fig. 14(a).
The high-frequency paths operate differentially, and Vb is
connected to the ground, so as to provide a proper common-
mode level for the Gm stage, which employs PMOS input
devices; as shown in Fig. 14(b).

B. PLL1 Dynamics

In order to quantify the properties of PLL1, we construct
the linear phase model shown in Fig. 15(a). Subsampling by a
factor of 3 is modeled by a phase tripler and the offset mixer
by a phase adder sensing 28in. This is because the two inputs
to this PLL only differ in frequency by a factor of 2 but are,
otherwise, identical if the noise of PLL2 in Fig. 1 is neglected.
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Fig. 13. (a) Lowering subsampling PD input frequency with the aid of an
offset mixer and (b) effect of frequency reduction on PD gain.

Fig. 14. (a) PLL1 implementation and (b) Gm stage.

Since the phase error, 8e, is equal to 38in − (8out − 28in) =

58in−8out, we can reduce the loop to that shown in Fig. 15(b),
where 8in is equivalently multiplied by a factor of 5. Note that

Fig. 15. (a) Linear phase model of PLL1, (b) equivalent model without an
offset mixer, and (c) closed-loop phase responses of PLL1.

the mixer’s downconversion gain does not appear directly in
this model, but its output swing sets the PD gain.

In this work, H(s) is defined by the Gm stage and C1,
and expressed as A0/(1 + s/ω0), where A0 = 8 V/V and
ω0 = 2π × (2 GHz). The loop transmission, thus, emerges as

T (s) = 5KPD
A0

1 +
s
ω0

KVCO

s
. (5)

With KPD = 32 mV/rad and KVCO = 30 GHz/V, the loop
BW is about 560 MHz. Fig. 15(c) plots the simulated closed-
loop responses of the PLL from the input phase and also from
the VCO phase to the output. The loop suppresses the VCO
phase noise by more than 30 dB up to an offset of 10 MHz.
Illustrated in Fig. 16 is the settling behavior, suggesting that
the loop locks in about 20 ns.

C. 270-GHz VCO

The RF PLL VCO must provide relatively large differential
swings to MX1 in Fig. 1. Prior work on fundamental-mode
oscillators has demonstrated operation at 300 GHz in 65-nm
technology [31]. We, thus, surmise that achieving 270 GHz in
our 28-nm process is feasible, but we must now add frequency
tuning. All simulation results in this section are reported for
the extracted layout.

While MOS varactors are generally the preferred choice for
tuning, studies indicate that their Q falls to single digits at the
frequency of interest here [17]. According to simulations, our
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Fig. 16. Settling behavior of PLL1.

varactors’ Q drops to 1.7 at 270 GHz.2 As a result, a VCO
using such a varactor may even fail to oscillate. We, therefore,
propose a different tuning mechanism that exploits the voltage
dependence of the gate–source capacitance of the transistors
within the oscillator core.

The proposed VCO is shown in Fig. 17(a). The core consists
of M1–M4 and L1 and L2 [31], and the CM level is adjusted
by M5. Resistors R1 and R2 provide part of the bias currents
of the two pairs, so as to ensure oscillation startup even if
the PLL initially holds Vcont near VDD. As Vcont varies from
near zero to about VDD − |VTH5|, the CM level at X1 and
Y1 falls from 0.91 to 0.50 V, and consequently, the single-
ended capacitance at X1 and Y1 declines. The CM change
also affects the output swing, but we simply design the stage
for an acceptable swing in the worst case. The load presented
to VCO1 consists of the input ports of the RF mixer and the
offset mixer along with the interconnects. Inductors L1 and
L2 are so chosen to accommodate these capacitances with no
intervening buffers.

Fig. 17(b) plots both the oscillation frequency and the peak-
to-peak single-ended voltage swings at X2 and Y2 as a function
of Vcont. The worst case swing is around 700 mVpp, sufficient
to drive the RF mixer in Fig. 6. The varying amplitude affects
the PD gain as well. According to simulations, the PD gain
changes by 22% across the VCO tuning range.

The VCO’s coupled inductors are realized as the nested
structure depicted in Fig. 17(c), each having a linewidth of
3.3 µm. The diameters are 26.7 and 33.0 µm for L1 and L2,
respectively, and the line spacing is 1.45 µm. According to
HFSS simulations, Q reaches about 15.6 at 270 GHz. Since the
lengths of L1 and L2 are not much less than the wavelength,
these inductors should be treated as distributed networks
(transmission lines). S-parameter models provided by HFSS
simulations, of course, represent these effects. Nonetheless,
we refer to these structures as “inductors” for the sake of
intuition.

2The process does not allow a channel length less than 200 nm for varactor
devices.

With a total bias current of 2.5 mA at mid-range, the VCO
operates at 271 GHz and exhibits the simulated phase noise
shown in Fig. 17(d). At a 10-MHz offset, the PN is about
−93.6 dBc/Hz, yielding a figure of merit (FOM) of −178 dB.
For a simple cross-coupled LC oscillator with an ideal tail
current source, the FOM would be around −195 dB if no
flicker noise is upconverted. In the PN profile of Fig. 17(d),
on the other hand flicker noise dominates up to about 10-MHz
offset. Nevertheless, by virtue of cascaded PLLs, the flicker
noise contribution to the overall jitter becomes negligible.

At 10-MHz offset, the PN contributions are given as fol-
lows: 57% by M3 and M4, 5% by M1 and M2, 33% by the
loss of L1 and L2, and 4.5% by the offset mixer connections
and parasitics. Due to its large dimensions, M5 adds 0.4% to
the output phase by its flicker noise.

The PN is fairly constant across the tuning range, changing
from −93.9 and −93.1 dBc/Hz as the oscillation frequency
varies from 266 to 273 GHz.

The proposed fundamental-mode VCO displays a relatively
high phase noise, an issue addressed at the architecture level
by a wide loop BW. This is possible only by cascading PLLs.

D. Offset Mixer

The offset mixer in Fig. 14 must sense the VCO output with
minimal loading yet provide a sufficiently large voltage swing
to the PD. The circuit is realized as an active double-balanced
topology with inductive loads (see Fig. 18) The connection
of the 270- and 108-GHz waveforms to the two input ports
is decided as follows. The small transistors driven by VCO1
cannot produce a large drain current, whereas those attached to
the 108-GHz input can. For this reason, the top switching quad
is tied to VCO1. Resistors R1 and R2 provide about 40% of
the bias currents of M1 and M2, thereby increasing the mixer’s
conversion gain. The remainder of the current flows through
M1–M4. Drawing 1.2 mA, the circuit generates a single-ended
peak-to-peak output swing of 420 mV.

E. Overall Phase Noise

With PLL1 realized entirely at the transistor level, we can
examine its output phase noise. If the PN of the 54- and
108-GHz inputs is neglected, the result emerges as shown in
Fig. 19. Due to the type-I nature of the PLL, the profile follows
a 1/ f fall up to about 20 MHz and remains relatively flat and
equal to −120 dBc/Hz up to 400 MHz.

The integrated jitter amounts to 22.2 fsrms from 10 kHz
to 10 MHz and 605.2 fsrms from 10 kHz to 1 GHz. At the
10-kHz offset, the VCO and the PD kT/C noise (where C is
equal to 5 fF) contribute about 16.8% and 75.2%, respectively,
and the remainder arises from the amplifier. At the 1-GHz
offset, the VCO contribution jumps to 88.9%, and the rest of
the contribution comes from the kT/C noise.

VII. 108-GHz PLL

As explained in Section III, PLL2 in Fig. 1 acts as a
frequency doubler, creating an offset frequency of 108 GHz for
PLL1. In contrast to such doubling techniques as push–push
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Fig. 17. (a) 270-GHz VCO implementation, (b) frequency and amplitude of oscillation versus control voltage, (c) coupled inductor layout and connections,
and (d) simulated VCO phase noise at 270 GHz.

Fig. 18. Offset mixer in PLL1.

networks [18], [19], [20], this approach proves more efficient
because it directly delivers differential waveforms.

As shown in Fig. 20(a), PLL2 employs subsampling as well.
The actual implementation is similar to that in Fig. 14 but
without offset mixing; the VCO output is directly sampled by
the switch. The VCO design is also similar to VCO1. Drawing
9.7 mA from the supply, this PLL displays the simulated phase
noise plotted in Fig. 20(b) if the 54-GHz input is assumed
noiseless. We observe that this PLL contributes negligible

Fig. 19. 270-GHz PLL phase noise without PLL2 and PLL3 contributions.

phase noise compared to PLL1. As with the 270-GHz PLL,
the loop BW is dictated by the amplifier’s dominant pole,
reaching 270 MHz.
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Fig. 20. (a) PLL2 implementation and (b) its phase noise without reference
contribution.

VIII. 54-GHz PLL

The 54-GHz integer-N PLL is depicted in Fig. 21(a).
The sampling PD consisting of S1, C1, S2, and C2 [32]
receives a 450-MHz reference from Crystek’s CRBSVS-01-
450.000 crystal oscillator. The loop BW is selected as follows.
Upon traveling to the PLL output, the reference phase noise,
SREF, is multiplied by M2SREF, where M = 8 × 15 = 120.
As illustrated in Fig. 21(b), the BW is chosen, so as to
minimize the sum of this phase noise and that of the VCO.
With SREF ≈ −168 dBc/Hz, we obtain fBW ≈ 40 MHz.

The VCO is implemented as a conventional complemen-
tary LC topology with tail resonance tanks. Consuming
11.8 mW, this VCO exhibits a phase noise of −121.9 and
−134.0 dBc/Hz at 1- and 40-MHz offsets, respectively. The
difference between the reference noise and the total noise
arises from the reference buffer, the PD, and the divider.

The ÷8 circuit in this PLL can potentially consume high
power and/or require inductors. We propose a ÷2 stage that
obviates the need for either. Consider the arrangement shown
in Fig. 22(a) where each latch is realized by a switch and an
inverter. The finite delay through the stages limits the division
speed. We surmise that adding feedforward paths can raise
the maximum toggle rate. For example, we envision that the
unclocked feedforward paths in Fig. 22(b) begin to impress
the states at X and Y before the main clocked paths do
so. Fig. 22(c) depicts another example [29]. We expect that
feedforward boosts the higher end of the “lock range” but
also raises the lower end. Thus, the choice among different
feedforward topologies is governed by how well the lock range

Fig. 21. (a) PLL3 implementation and (b) its phase noise.

Fig. 22. (a) Simple divide-by-2 implementation, (b) possible feedforward
paths, and (c) alternative topology.

encloses the desired frequency in the presence of process,
supply voltage, and temperature (PVT) variations.

The speed limitations of the proposed divider can be esti-
mated as follows. Suppose, as shown in Fig. 23(a), B is high
and CK rises at t = 0 to activate S1. Now, X goes high,
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Fig. 23. (a) Divider high-speed limitation timing diagram. (b) Divider
low-speed limitation timing diagram.

TABLE II
COMPARISON OF DIVIDER INPUT FREQUENCIES OF

FIG. 22 WITH RESPECT TO PROCESS CORNERS

is inverted by INV4, and reaches Y . Thus, Y should complete
its transition before CK falls, requiring that t1 < TCK/2.
Similarly, the edge on Y must reach B before CK rises again,
i.e., we must have t2 < TCK/2. Viewing t2 as roughly four
gate delays, we conclude that TCK must exceed this amount.
This signifies the upper end of the lock range.

For the lower end, we observe that, when S1 is ON, the loop
is “transparent.” As depicted in Fig. 23(b), the edge on Y , thus,
travels to B, causing X to change again and, hence, the circuit
to fail. We must then have t3 < TCK/2. Approximating t3 by
four gate delays, we estimate the longest TCK to be eight gate
delays. The ideal lock range, thus, spans an octave. In practice,
sinusoidal clocks narrow this range to some extent.

In order to quantify these effects, we simulate the extracted
layout of the circuits shown in Fig. 22 and tabulate their input
frequency ranges in Table II. The switches are implemented
by single NMOS devices whose gates reside at a dc level
equal to VDD and receive the input through capacitive coupling.

We consider the slow-slow (SS) and fast-fast (FF) corners of
the process. Table II shows the results for the three dividers.
We observe that feedforward raises the maximum speed in the
SS corner to 58.7 GHz for topology in Fig. 22(b) and 56.2 GHz
for that in Fig. 22(c). However, the lower end of the lock
range in the FF corner exceeds the desired value of 54 GHz
in Fig. 22(b). For this reason, we opt for Fig. 22(c).

The proposed ÷2 structure does not directly produce
quadrature phases for the IF mixers. We, thus, incorporate two
copies, with their CK and CK inputs swapped (see Fig. 1).

The two other ÷2 stages in the ÷8 circuit are similar to the
topology in Fig. 22 but with complementary switches. The
÷15 block is based on the Vaucher topology [33].

The 54-GHz PLL draws 17 mW, of which 9.5 mW are
consumed by the VCO and 1.2 mW by the ÷15 chain.
A fractional-N version of this PLL has been reported in [29]
and can be utilized here for fine channel spacings.

IX. FLOOR PLANNING ISSUES

The proposed system employs a large number of inductors
to boost the performance in both the signal path and the LO
path. While the individual blocks can be laid out in a fairly
compact form, the interconnection among them poses daunting
challenges. This is particularly prominent here as we wish
to avoid terminated transmission lines (which would demand
power-hungry drivers). The compact placement of inductors
raises concerns about injection pulling among oscillators,
but their large frequency separations avoid this issue. Also,
according to simulations, Q of the inductors falls negligibly
due to these proximity effects.

The most critical interface in Fig. 1 is that between the
270-GHz VCO, and the RF and offset mixers. We must
decide how to arrange this VCO’s nested inductors and those
preceding the RF mixer and serving as the load of the offset
mixer. To minimize the parasitics at the VCO output, we place
the two mixers’ transistors within the VCO’s active area [see
Fig. 24(a)]. We also position the 108-GHz VCO in the same
vicinity. This means that the offset mixer’s output current
in Fig. 24(a) must travel a fairly long distance (≈50 µm)
to reach its load inductor. Fortunately, this interconnect can
be exploited for series peaking to cancel the mixer output
capacitance. As illustrated in Fig. 24(b), the idea is to sense
the output at position B (rather than at A) so that the trace
inductance does not degrade the conversion gain.

The 54-GHz PLL can occupy the left-hand side of the
270-GHz VCO, but it would incur long interconnects to reach
the PD in PLL1. For this reason, PLL3 is placed near the offset
mixer inductor.

The simulation of the layout relies on parasitic extraction for
short local connections and Ansoft’s HFSS for longer lines and
inductors. This methodology has led to less than 4% measured
error in the center frequencies of the VCOs. The simulated
leakage of the 270-GHz LO to the RF input is −54.6 dBm.

X. EXPERIMENTAL RESULTS

The 300-GHz system has been fabricated in TSMC’s 28-nm
CMOS technology. As shown in Fig. 25, the active area of the
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Fig. 24. (a) RX floor plan and (b) series peaking realized in an offset mixer.

Fig. 25. Rx die micrograph.

die occupies about 200 µm × 300 µm. Such a small footprint
makes the system well-suited to beamforming with a large
number of elements. The circuit has been tested on a probe
station with the RF input applied through a waveguide probe
having a loss of 2.2 dB.

Fig. 26(a) depicts the setup for measuring the RX gain
and NF. An Agilent E8752D drives a Virginia Diodes’
multiply-by-9, which connects to a Virginia Diodes’ tripler.

Fig. 26. (a) Receiver gain setup and (b) gain measurement results.

The resulting amplitude is controlled by adjusting the output
level of the E8257D.

For gain measurements, we first connect the tripler’s output
to a power meter, the VDIPM5B. Next, we apply the signal
to the device under test (DUT), which delivers the baseband
output to a spectrum analyzer (SA). Subtracting the 2.2-dB
probe loss yields the gain plot shown in Fig. 26(b). The close
agreement between these results and simulations indicates
that the RF mixer is switched as expected, and hence, the
270-GHz LO swings are as large as the values mentioned
in Section VI-C.

The NF measurement presents serious challenges as no
specific equipment is available for this purpose at these
frequencies. In fact, even an accurate 300-GHz noise source
cannot be found. The only solution appears to be the “gain
method,” whereby a 50-� source resistance, Rs , drives the
RX (see Fig. 27), and the baseband noise spectrum, SBB( f ),
is measured by an SA, We then have

NF =
SBB( f )

A2
0

·
1

4kT RS
(6)

where A0 denotes the voltage gain from Vin to the baseband
output. Such an approach requires both a precise value for
A0 and a sufficiently high gain to make the SA’s noise floor
negligible. The setup in Fig. 26(a) is, thus, used: we simply
turn the tripler on to find the gain and turn it off to measure
SBB( f ). In this case, the DUT is followed by an off-chip
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Fig. 27. (a) NF measurement using the gain method, (b) NF measurement
results, and (c) 1-dB compression point at 298 GHz.

Fig. 28. Crystek’s CRBSVS-01-450.000 crystal oscillator phase noise.

amplifier module, so as to overwhelm the SA noise floor. The
result is plotted in Fig. 27(b).

The RX nonlinear behavior is depicted in Fig. 27, suggest-
ing an input 1-dB compression point of −17.3 dB.

The phase noise of the LO generation section is measured
on a separate chip that excludes the receive path. For this
purpose, we examine the phase noise of the crystal oscillator
providing fREF = 450 MHz in Fig. 1, the 270-GHz PLL,
and the 54-GHz PLL. Crystek’s CRBSVS-01-450.000 crystal
oscillator exhibits the phase noise profile plotted in Fig. 28,

Fig. 29. 270-GHz PN measurement with on-chip mixer.

Fig. 30. Output spectra with fext = 89.579 GHz for (a) unlocked PLL1 and
(b) locked PLL1.

reaching a plateau of about −168 dBc/Hz beyond an offset
of 200 kHz.

The 270-GHz PLL output is applied to an on-chip mixer,
as shown in Fig. 29, which also receives an external LO
frequency of fext ≈ 89.579 GHz from the VDI WR9.0M SGX.
Upon mixing the third harmonic of this frequency with the
PLL waveform, the circuit delivers fout = 1.263 GHz.

Extreme care has been taken to ensure that the measured
output is indeed a downconverted copy of the 270-GHz signal
rather than a harmonic of fext. This is verified by three
methods: 1) we change fREF2 in Fig. 1 by 1 f and observe that
fout changes by 6001 f ; 2) to ensure that fout = 270 − 3 fext,
we change fext by 1 f and observe that fout changes by
31 f ; and 3) we intentionally drive the 108- or 270-GHz
PLL out of the lock and compare the resulting downconverted
spectrum with that of the locked case. Shown in Fig. 30 are the
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Fig. 31. (a) 270-GHz PLL PN with fext = 89.512 GHz. (b) 54-GHz PLL
divided PN.

unlocked and locked downconverted spectra, suggesting that,
when unlocked, the oscillator waveform exhibits high phase
noise and some undesired offset mixer spurs in its waveform.
However, once the PLL is locked, the mixer spurs vanish, and
we obtain a clean signal.

The downconverted output phase noise is depicted in
Fig. 31(a). It reaches −105 dBc/Hz at a 10-MHz offset.
The spurs in the vicinity of 100-kHz offset are artifacts
of the phase noise analyzer (Keysight SSA E5052A). The
analyzer also provides less averaging for offsets below 10 kHz,
primarily because the settings are so chosen to optimize
measurements at higher offsets. The total integrated jitter from
10 kHz to 10 MHz is 105.61 fsrms. We note that this is the
lowest jitter reported for synthesized frequencies in this range.
We estimate the following contributions from different blocks
in Fig. 1: 33.9 fsrms due to PLL3, 4.8 fsrms due to PLL2, and
43.3 fsrms due to PLL1.3

3The discrepancy is attributed to inaccuracies in transistor models in the
270-GHz VCO.

Fig. 32. 300-GHz RX comparison with the state-of-the-art.

We should remark that the type-1 architecture employed for
the 270-GHz PLL suppresses its VCO flicker phase noise to
a lesser extent than could a type-II topology. As a result, both
Figs. 21 and 31(a) reveal substantial flicker components.

The measured lock range of the 270-GHz PLL is 5.2 GHz,
less than the VCO tuning range. This is partly due to a
frequency misalignment between the 108-GHz VCO and the
270-GHz VCO.

The output phase noise of the 54-GHz PLL has also been
measured. We monitor the output of the divide-by-15 circuit
in Fig. 21(a), obtaining the profile shown in Fig. 31(b). The
PN at 54 GHz is 20 log(120) = 41.6 dB higher. The jitter
integrated from 10 kHz to 10 MHz is 33.93 fsrms, which is
close to the simulated value of 31.25 fscrms.

Fig. 32 summarizes the performance of our prototype and
compares it to that of the state of the art. In comparison to [10],
which requires an external 40-GHz LO, the conversion gain
is improved by 36 dB, and power consumption is reduced by
a factor of 2.6. In comparison to the RX in [7], which uses
an external 44-GHz LO, the conversion gain is improved by
about 15 dB, and the power is lowered by a factor of 17.

Another option is to use a sub-harmonic mixer, e.g.,
as in [34], where fLO is half of the input frequency. This
approach provides an NF between 13.9 and 19 dB while
requiring an external LO power of +5 dBm, which would
be difficult to generate on-chip.

XI. CONCLUSION

This article describes a fully integrated 300-GHz RX that
consumes less power than the prior art and occupies a small
area. A heterodyne architecture is presented, and a number of
LO generation techniques are proposed.

ACKNOWLEDGMENT

The authors would like to thank the TSMC University
Shuttle Program for chip fabrication.

REFERENCES

[1] P. Rodríguez-Vázquez, J. Grzyb, B. Heinemann, and U. R. Pfeiffer,
“A 16-QAM 100-Gb/s 1-M wireless link with an EVM of 17% at
230 GHz in an SiGe technology,” IEEE Microw. Wireless Compon. Lett.,
vol. 29, no. 4, pp. 297–299, Apr. 2019.

[2] H. Hamada et al., “300-GHz. 100-Gb/s InP-HEMT wireless transceiver
using a 300-GHz fundamental mixer,” in IEEE MTT-S Int. Microw. Symp.
Dig., Jun. 2018, pp. 1480–1483.

Authorized licensed use limited to: UCLA Library. Downloaded on July 26,2023 at 22:46:58 UTC from IEEE Xplore.  Restrictions apply. 



MEMIOGLU et al.: 300-GHz 52-mW CMOS RECEIVER WITH ON-CHIP LO GENERATION 2155

[3] I. Dan, G. Ducournau, S. Hisatake, P. Szriftgiser, R.-P. Braun, and
I. Kallfass, “A superheterodyne 300 GHz wireless link for ultra-fast
terahertz communication systems,” in Proc. 49th Eur. Microw. Conf.
(EuMC), Oct. 2019, pp. 734–737.

[4] S. Hara et al., “300-GHz CMOS receiver module with WR-3.4 waveg-
uide interface,” in Proc. 48th Eur. Microw. Conf. (EuMC), Sep. 2018,
pp. 396–399.

[5] S. Lee et al., “An 80 Gb/s 300 GHz-band single-chip CMOS transceiver,”
in IEEE Int. Solid-State Circuits Conf. (ISSCC) Dig. Tech. Papers,
Feb. 2019, pp. 170–172.

[6] IEEE Standard for High Data Rate Wireless Multi-Media Networks—
Amendment, 2: 100 Gb/s Wireless Switched Point-to-Point Physical
Layer, IEEE Standard 802.15.3d-2017 (Amendment to IEEE Stan-
dard 802.15.3-2016 as amended by IEEE Standard 802.15.3e-2017),
2017, pp. 1–55.

[7] S. Lee et al., “An 80-Gb/s 300-GHz-band single-chip CMOS
transceiver,” IEEE J. Solid-State Circuits, vol. 54, no. 12,
pp. 3577–3588, Dec. 2019.

[8] I. Abdo et al., “A 300 GHz wireless transceiver in 65 nm CMOS for
IEEE802.15.3d using push-push subharmonic mixer,” in IEEE MTT-S
Int. Microw. Symp. Dig., Aug. 2020, pp. 623–626.

[9] S. Hara et al., “300-GHz CMOS transceiver for terahertz wireless com-
munication,” in Proc. Asia–Pacific Microw. Conf. (APMC), Nov. 2018,
pp. 429–431.

[10] S. Hara et al., “A 416-mW 32-Gbit/s 300-GHz CMOS receiver,” in Proc.
IEEE Int. Symp. Radio-Frequency Integr. Technol. (RFIT), Aug. 2017,
pp. 65–67.

[11] K. Takano et al., “A 105 Gb/s 300GHz CMOS transmitter,” in IEEE
Int. Solid-State Circuits Conf. (ISSCC) Dig. Tech. Papers, Feb. 2017,
pp. 308–309.

[12] S. Lee et al., “A 272-GHz CMOS analog BPSK/QPSK demodulator for
IEEE 802.15.3d,” in Proc. IEEE 47th Eur. Solid State Circuits Conf.
(ESSCIRC), Sep. 2021, pp. 415–418.

[13] H. Razavi and B. Razavi, “A 0.4–6 GHz receiver for cellular and WiFi
applications,” IEEE J. Solid-State Circuits, vol. 57, no. 9, pp. 1–18,
Sep. 2022.

[14] N. Saito et al., “A fully integrated 60-GHz CMOS transceiver chipset
based on WiGig/IEEE 802.11ad with built-in self calibration for mobile
usage,” IEEE J. Solid-State Circuits, vol. 48, no. 12, pp. 3146–3159,
Dec. 2013.

[15] A. Tomkins et al., “A 60 GHz, 802.11ad/WiGig-compliant transceiver
for infrastructure and mobile applications in 130 nm SiGe BiCMOS,”
IEEE J. Solid-State Circuits, vol. 50, no. 10, pp. 2239–2255, Oct. 2015.

[16] H. T. Friis, “A note on a simple transmission formula,” Proc. IRE,
vol. 34, no. 5, pp. 254–256, May 1946.

[17] T. Quemerais, D. Gloria, D. Golanski, and S. Bouvot, “High-Q
MOS varactors for millimeter-wave applications in CMOS 28-nm
FDSOI,” IEEE Electron Device Lett., vol. 36, no. 2, pp. 87–89,
Feb. 2015.

[18] Z. Ahmad and O. Kenneth, “0.4-THz wideband imaging transmitter in
65-nm CMOS,” in IEEE MTT-S Int. Microw. Symp. Dig., Jun. 2017,
pp. 99–102.

[19] N. Sarmah, P. R. Vazquez, J. Grzyb, W. Foerster, B. Heinemann, and
U. R. Pfeiffer, “A wideband fully integrated SiGe chipset for high data
rate communication at 240 GHz,” in Proc. 11th Eur. Microw. Integr.
Circuits Conf. (EuMIC), Oct. 2016, pp. 181–184.

[20] B. Khamaisi, S. Jameson, and E. Socher, “A 0.58–0.61 THz single
on-chip antenna transceiver based on active X30 LO chain on 65 nm
CMOS,” in Proc. 11th Eur. Microw. Integr. Circuits Conf. (EuMIC),
Oct. 2016, pp. 97–100.

[21] M.-L. Chou, H.-C. Chiu, H.-L. Kao, and F.-H. Huang, “A 60-GHz
CMOS frequency tripler with broadband performance,” IEEE Microw.
Wireless Compon. Lett., vol. 27, no. 3, pp. 281–283, Mar. 2017.

[22] R. Han and E. Afshari, “A high-power broadband passive terahertz
frequency doubler in CMOS,” IEEE Trans. Microw. Theory Techn.,
vol. 61, no. 3, pp. 1150–1160, Mar. 2013.

[23] H. Aghasi, A. Cathelin, and E. Afshari, “A 0.92-THz SiGe
power radiator based on a nonlinear theory for harmonic gener-
ation,” IEEE J. Solid-State Circuits, vol. 52, no. 2, pp. 406–422,
Feb. 2017.

[24] Z. Ahmad, M. Lee, and K. O. Kenneth, “1.4 THz, −13 dBm-EIRP fre-
quency multiplier chain using symmetric- and asymmetric-CV varactors
in 65 nm CMOS,” in IEEE Int. Solid-State Circuits Conf. (ISSCC) Dig.
Tech. Papers, 2016, pp. 350–351.

[25] E. Öjefors, B. Heinemann, and U. R. Pfeiffer, “Active 220- and
325-GHz frequency multiplier chains in an SiGe HBT technology,”
IEEE Trans. Microw. Theory Techn., vol. 59, no. 5, pp. 1311–1318,
Feb. 2011.

[26] B. Razavi, “The role of PLLs in future wireline transmitters,” IEEE
Trans. Circuits Syst. I, Reg. Papers, vol. 56, no. 8, pp. 1786–1793,
Aug. 2009.

[27] C. Liang and B. Razavi, “Systematic transistor and inductor modeling
for millimeter-wave design,” IEEE J. Solid-State Circuits, vol. 44, no. 2,
pp. 450–457, Feb. 2009.

[28] P. Andreani, X. Wang, L. Vandi, and A. Fard, “A study of phase noise
in colpitts and LC-tank CMOS oscillators,” IEEE J. Solid-State Circuits,
vol. 40, no. 5, pp. 1107–1118, May 2005.

[29] Y. Zhao, O. Memioglu, and B. Razavi, “A 56 GHz 23 mW fractional-N
PLL with 110 fs Jitter,” in IEEE Int. Solid-State Circuits Conf. (ISSCC)
Dig. Tech. Papers, vol. 65, Nov. 2022, pp. 1–3.

[30] S. Pellerano et al., “A scalable 71-to-76 GHz 64-element phased-array
transceiver module with 2 × 2 direct-conversion IC in 22 nm FinFET
CMOS technology,” in IEEE Int. Solid-State Circuits Conf. (ISSCC) Dig.
Tech. Papers, Jun. 2019, pp. 174–176.

[31] B. Razavi, “A 300-GHz fundamental oscillator in 65-nm CMOS tech-
nology,” IEEE J. Solid-State Circuits, vol. 46, no. 4, pp. 894–903,
Apr. 2011.

[32] L. Kong and B. Razavi, “A 2.4 GHz 4 mW integer-N inductorless RF
synthesizer,” IEEE J. Solid-State Circuits, vol. 51, no. 3, pp. 626–635,
Mar. 2016.

[33] C. Vaucher, I. Ferencic, M. Locher, S. Sedvallson, U. Voegeli, and
Z. Wang, “A family of low-power truly modular programmable dividers
in standard 0.35 µm CMOS technology,” IEEE Journal of Solid-State
Circuits, vol. 35, no. 7, pp. 1039–1045, Jul. 2000.

[34] Q. Zhong, W. Choi, C. Miller, R. Henderson, and K. O. Kenneth,
“A 210-to-305 GHz CMOS receiver for rotational spectroscopy,” in
IEEE Int. Solid-State Circuits Conf. (ISSCC) Dig. Tech. Papers,
May 2016, pp. 426–427.

Onur Memioglu (Member, IEEE) received the
B.Sc. and M.Sc. degrees in electrical and electronics
engineering from Middle East Technical University,
Ankara, Turkey, in 2015 and 2018, respectively, and
the Ph.D. degree from the Communication Circuits
Laboratory, University of California at Los Angeles,
Los Angeles, CA, USA, in 2021.

He worked as an RFIC Design Engineer at Mikro-
Tasarim, Ankara, from 2015 to 2018, designing RF
amplifiers, such as low-noise amplifiers (LNAs) and
PAs with III–V semiconductor technologies. He is

currently with the RFIC Design Team, Apple Inc., Irvine, CA, USA. His
research interests include mmWave and terahertz (THz) RF system design.

Yu Zhao (Member, IEEE) received the B.S. degree
from Shanghai Jiao Tong University, Shanghai,
China, in 2013, and the M.S.E.E. and the Ph.D.E.E.
degrees in electrical engineering from the University
of California at Los Angeles, Los Angeles, CA,
USA, in 2015 and 2022, respectively.

He was with Ubilinx Technology, Inc., San Jose,
CA, USA, from 2015 to 2018, working on fre-
quency synthesizers for Bluetooth and Wi-Fi 6. He is
currently with the RFIC Design Team, Hisilicon,
Shanghai. His research interests include low-jitter

frequency synthesizers for wireless and wireline transceivers.

Authorized licensed use limited to: UCLA Library. Downloaded on July 26,2023 at 22:46:58 UTC from IEEE Xplore.  Restrictions apply. 



2156 IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 58, NO. 8, AUGUST 2023

Behzad Razavi (Fellow, IEEE) received the
B.S.E.E. degree from the Sharif University of Tech-
nology, Tehran, Iran, in 1985, and the M.S.E.E.
and Ph.D.E.E. degrees from Stanford Univer-
sity, Stanford, CA, USA, in 1988 and 1992,
respectively.

He was an Adjunct Professor with Princeton Uni-
versity, Princeton, NJ, USA, from 1992 to 1994, and
Stanford University in 1995. He was with AT&T
Bell Laboratories and Hewlett-Packard Laboratories
until 1996. Since 1996, he has been an Associate

Professor and subsequently a Professor of electrical engineering with the
University of California at Los Angeles, Los Angeles, CA, USA. He is
the author of Principles of Data Conversion System Design (IEEE Press,
1995), RF Microelectronics (Prentice Hall, 1998 and 2012) (translated to
Chinese, Japanese, and Korean), Design of Analog CMOS Integrated Circuits
(McGraw-Hill, 2001 and 2016) (translated to Chinese, Japanese, and Korean),
Design of Integrated Circuits for Optical Communications (McGraw-Hill,
2003, and Wiley, 2012), Design of CMOS Phase-Locked Loops (Cambridge
University Press, 2020), and Fundamentals of Microelectronics (Wiley, 2006,
2014, and 2021) (translated to Korean, Portuguese, and Turkish) and the
editor of Monolithic Phase-Locked Loops and Clock Recovery Circuits (IEEE
Press, 1996) and Phase-Locking in High-Performance Systems (IEEE Press,
2003). His current research includes wireless and wireline transceivers and
data converters.

Prof. Razavi is a member of the U.S. National Academy of Engineering and
a fellow of the U.S. National Academy of Inventors. He received the Beatrice
Winner Award for Editorial Excellence at the 1994 International Solid-State
Circuits Conference (ISSCC), the Best Paper Award at the 1994 European
Solid-State Circuits Conference, the Best Panel Award at the 1995 and 1997
ISSCC, the TRW Innovative Teaching Award in 1997, the Best Paper Award
at the IEEE Custom Integrated Circuits Conference in 1998, and the McGraw-
Hill First Edition of the Year Award in 2001. He was the co-recipient of both
the Jack Kilby Outstanding Student Paper Award and the Beatrice Winner
Award for Editorial Excellence at the 2001 ISSCC. He received the Lockheed
Martin Excellence in Teaching Award in 2006, the UCLA Faculty Senate
Teaching Award in 2007, and the CICC Best Invited Paper Awards in 2009 and
2012. He was a co-recipient of the 2012 and 2015 VLSI Circuits Symposium
Best Student Paper Awards and the 2013 CICC Best Paper Award. He was
also recognized as one of the top authors in the 50-year history and the
70-year history of ISSCC. He received the 2012 Donald Pederson Award in
Solid-State Circuits. He was also a recipient of the American Society for
Engineering Education PSW Teaching Award in 2014, the 2017 IEEE CAS
John Choma Education Award, the 2022 IEEE Solid-State Circuits Society
Innovative Education Award, and the IEEE CAS Darlington Best Paper Award
in 2022. He has served on the Technical Program Committees of the ISSCC
from 1993 to 2002 and the VLSI Circuits Symposium from 1998 to 2002.
He has also served as a Guest Editor and an Associate Editor for the IEEE
JOURNAL OF SOLID-STATE CIRCUITS, IEEE TRANSACTIONS ON CIRCUITS
AND SYSTEMS, and International Journal of High Speed Electronics and
Systems. He has served as the Founding Editor-in-Chief of the IEEE SOLID-
STATE CIRCUITS LETTERS. He has served as an IEEE Distinguished Lecturer.

Authorized licensed use limited to: UCLA Library. Downloaded on July 26,2023 at 22:46:58 UTC from IEEE Xplore.  Restrictions apply. 


